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Power-Handling Capabilities of Circular 
Dielectric Waveguide at Millimeter 

W ayelengths 
DANIEL G. JABLONSKI, SENIOR MEMBER, IEEE 

Abstract - The power-handling capabilities of a circular dielectric wave
guide propagating the single HE 11 mode are discussed: Simple calculations 
illustrate the limits imposed by dielectric heating and dielectric breakdown. 
Examples are presented for polystyrene and polytetrafluoroethylene (PTFE) 
guides at 70 GHz. The results suggest that maximum power levels for 
circular dielectric waveguide in the millimeter-wave spectrum will be of the 
orders of 10 to 100 W and that dielectric heating is the limiting phenome
non. 

I. INTRODUCTION 

THERE HAS BEEN considerable study of the electro
magnetic properties of a dielectric waveguide. How

ever,. there has been little, if any, mention of the power
handling capabilities of such a guide. This is not surprising, 
as dielectric waveguide is primarily of interest at millimeter 
wavelengths, where levels of available power are rather 
low. Given the current amount of activity aimed at devel
oping high-power millimeter wavelength sources, though, it 
seems useful to perform at least a simple study of the 
power limitations of a typical dielectric waveguide. 
· There are three physical phenomena that are of interest 

in this regard. The first, dielectric breakdown, is well 
known in conjunction with the use of dielectrics as high
voltage insulators. The second is dielectric heating, which 
results from power attenuation in the dielectric and can, in 
principle, cause the waveguide to melt. Finally, stimulated 
. Raman and Brillouin scattering are of great concern to 
designers of optical-fiber systems. This is because the wave
length of a guided mode is sufficiently small for the optical 
signal to interact with lattice vibrations, defects, and im
purities in the dielectric. However, scattering is of little 
importance at millimeter wavelengths, and is mentioned 
only because of the extremely close connection between the 
circular dielectric waveguide and an optical fiber. 

Dielectric breakdown and dielectric heating are disussed 
in turn. Examples of dielectric breakdown and dielectric 
heating are given for various materials utilized as circular 

ielectric waveguide at 70 GHz. The discussion begins, 
owever, with a brief review of the properties of the HE11 
ode in a dielectric cylinder. 

Manuscript received April 16, 1984; revised August 16, 1984. This work 
as supported by the Naval Surface Weapons Center under an Indepen
ent Research Grant. 
The author is with the Naval Surface Weapons Center, White Oak 

ilver Spring, MD 20910. ' 

II. PROPERTIES OF THE DIELECTRIC-ROD 

WAVEGUIDE 

The HE11 mode has received much attention, and only a 
few important points will be discussed here. A section of 
dielectric guide is sketched in Fig. 1. The guide consists of 
a cylinder of dielectric constant t: 2 imbedded in a medium 
of dielectric constant t: 1. Typically, the guide consists of a 
cylinder of polytetrafluoroethylene (PTFE) or polystyrene 
surrounded by air. Hence, t:1 will usually be equal to t: 0 , 

the free-space permittivity. 
The field components of the allowed propagation modes 

are given by Stratton [1 ]. Provided that the radius a of the 
cylinder is less than a critical radius a0 , only a single mode 
can propagate. This critical radius is shown by Cullen [2] to 
occur when 

(la) 
where 

x = 2?Ta 0 ( t:i/t: 0 )112
( t:, -1)112

/;\ 0 . (lb) 

J0 is the ordinary Bessel function of the first kind. The 
relative dielectric constant t:, is defined as t: 2 / t: 1, ~nd ;\ 0 is 
the free-space wavelength of the guided wave. 

As an example, a PTFE rod in air will have t:,:::::: 2.08. At 
70 GHz, A0 = 4.3 mm. The first zero of 10 occurs at 
x = 2.405. Hence, the critical ra:diµs a0 is found to be 1.58 
mm. 

!h~ single mode which propagates when a< a0 is hy
bnd m nature and is known as the HE11 mode. There are 
longitudinal components of both H and E for this mode. 

In principle, the HE11 mode can propagate regardless of 
how small the radius of the guide is. However, as the rod 
size is decreased, more and more of the e~ergy in the . 
guided wave propagates in the evanescent fields outside the 
guide. This is important in connection with the attenuation 
characteristics of the guide. In most instances, the dielectric 
rod has a non-negligible loss tangent tan ~' whereas the 
external medium is usually assumed to be loss free. Conse
quently, the net power attenuation will depend both on tan 
l> and on the relative amounts of power propagating inside 
and outside of the rod. 

As an example, a wave propagating in an infinite dielec
tric t:, has a power attenuation factor given by 

2'7T 1/2 
a= x-( t:,) tanll. (2) 

0 

U.S. Government work not protected by U.S. Copyright 
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Fig. 1. Section of a dielectric waveguide. 

For a circular dielectric rod in free space, the power 
attenuation is given by 

where 

2'1T 
a= -- t: tan/3R A , 

0 

fw {(E·E)pdpd0 
R= o o 

110 fw 100 

( EPH0 - H0EP)pdpd0 
0 0 

(3) 

(4) 

where E and H are given by Stratton [l], and '11o = 
(µ 0 /t: 0 ) 112 is the impedance of free space. 

R has been calculated for the HE11 mode by Elsasser [3], 
and is sketched for two' common values of t:, in Fig. 2. 
Note that the factor R falls rapidly as the diameter d of 
the rod is decreased. This reflects the decrease in attenua
tion as the relative amount of power within the rod falls. 

In the opposite limit, as d • oo, R approaches the value 

__!_. This corresponds' to all of the power in the HE11 mode 
,f- r 

propagating within the dielectric, In this limit, (2) and (3) 
are equal. · 

Finally, the power propagating along the dielectric rod 
decays as · · -

{5) 

In a differen.tial length /::,,z, the power loss is given by · 

/::,,P = aP/::,,z. (6) 

This power loss will not be uniform across the cross 
section of the guide, but will depend on the field configura
tions for the HE11 mode. However, iil later discussions it 
will be assumed that this power loss is a uniform source of 
heat across the cross section of the guide. · · · 

III. DIELECTRIC BREAKDOWN 

Dielectric breakdown will occur whenever the electric 
field within the dielectric rod exceeqs a certain critical 
value. In order to determine the maximum power that can 
be handled before breakdown occurs," it. is necessary to 
relate the maximum electric field E0 in th~ dielectric rod to 
the transmitted power P. · 

Marcuse has derived the relationship between E0 and P 
for the HE11 mode [4]. However, the resulting expression is 

1.0 

R PTFE 
E. = 2.08 

.10 

0.1 0.2 0.4 0.6 0.8 1.0 1.2 1.4 

d/Ao 

Fig. 2. R as a function of waveguide diameter. 

quite complicated and is inconvenient to evaluate for any 
specific instance. In addition to the evaluation of numerous 
Bessel and Hankel functions, one must solve a tran
scendental equation to obtain the guide wavelength of the 
mode for a specific set of parameters. In light of the 
simplifying assumptions to be made elsewhere in this dis
cussion, the effort to evaluate E0 versus P for the HE11 

mode is not warranted. 
As an alternative, consider the simple calculation of the 

maximum electric field fo the TE10 mode of a dielectric
filled rectangular metal waveguide. In practice, the HE11 

mode of the dielectric rod is often launched from the TE10 

rectangular mode. If the impedance match is good, the net 
power transferrecJ to the dielectric rod will be comparable 
with the total power in the TE10 mode. -

As the HE11 mode is launched, the power density Ex H 
diminishes as energy spreads into tlle evanescent fields 
around the dielectric rod. Thus, the relation between E0 

and P in the section of dielectric~filled rectangular wave
guide should serve as a,n upper liinit'in the consideration of 
dielectric breakdown for a given power level. In practice, 
there will often be an air gap at the si!les of the dielectric at 
the point where it is inserted into the metal guide. Since the 
dielectric breakdown strength of air is often less than that 
of a dielectric, it is also important to compute the relation 
between E0 and P for an air-filled waveguide. 

For a dielectric-filled rectangular waveguide, the TE10 

mode is given by [5] 

E 
. 'lTX 

E = sm-
Y O a (7) 

where E0 is the peak electric field and a is the width of the 
rectangular guide. The transmitted power is found from 

l lbla P = 2'Z 
O O 

E}dxdy (8) 

where a and b are the waveguide dimensions, and th 
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impedance Z is given by 

Z= n 

· [1-(wjw)2]112 
(9) 

T/ = (µ 0 /£)112 and we is the cutoff frequency of the wave
guide. 

Integrating (8), the transmitted power becomes 

[1 21112 

P =_!__ C- -(wjw) bE2 
4 y£, a o 

T/o 
(10) 

where T/o = (µ 0 /£ 0 )
112

""' 377 fl, and £, = £/£ 0. 

To launch the HE11 mode on a dielectric rod operated at 
70 GHz, one would most likely use a V-band WR15 
waveguide having inside dimensions of 3.78 X 1.88 mm2 

and a cutoff frequency of 39.863 GHz [6]. For a PTFE rod 
with an£, of 2.08 [7] and a dielectric strength of 1.7x107 

V /m [8], the power level at which breakdown will occur 
within the rectangular guide will be P = 1.6 X 106 W. Re
sults for a polystyrene rod will be similar. 

For an air-filled guide with£,= 1 and a dielectric strength 
of 3 x 106 V /m, the corresponding power level will be 
P = 3.5 x10 4 W. Thus, it is possible that dielectric break
down in the air-filled section of rectangular guide prior to 
the dielectric rod may prove to be the limiting factor. 
Furthermore, in some instances there might b·e dielectric 
breakdown in the evanescent field regions in the air sur
rounding a dielectric guide. 

However, until high-power millimeter-wave sources be
come available, these problems are essentially moot. Fur
thermore, little information is available about the dielectric 
strengths of materials at these frequencies, and the num
bers used in the previous calculations may need to be 
modified. 

IV. DIELECTRIC HEATING 

The problem of dielectric heating can be solved ap
roximately to yield a rough estimate of another limiting 

, actor to the power-handling capabilities of a dielectric 
od. The approach used here will be to find the power level 
hat will cause the temperature at the center of the dielec
ric rod to reach its melting point. The electromagnetic 
nergy absorbed in the rod will be treated as a uniform 
ource of heat throughout a cross section of the rod, as 
iscussed in Section II. The heat diffuses to the outside of 
he rod, where it is dissipated by radiation and convection. ' 

In the case of a dielectric waveguide, (6) gives the heat 
enerated in a section of waveguide of length l:!.z as 

q = l:!.P = aP!lz (11) 
here a is the power attenuation per unit length and P is 
e amount of power propagating down the rod. 
To predict the limits imposed by dielectric heating, it is 

ecessary to find P as a function of T0 , the temperature at 
e center of the rod. The maximum value of P will be 

etermined by setting T0 = Tm, the melting temperature of 
e dielectric. (Depending on the choice of dielectric, Tm 
ay actually correspond to the glass transition temperature 
fa polymer, as opposed to a "melting" temperature.) 

87 

Two important assumptions will be made. The first is 
that heating across the cross section of the dielectric is 
uniform. Although this is not strictly accurate, it results in 
a_ significant simplification of the problem, and provides a 
useful estimate of the maximum power level that can be 
tolerated. 

The second is that the temperature is approximately 
constant over the cross section of the rod. That is, the 
temperature T0 at the center of the rod is approximately 
equal to the temperature Tw at the wall of the guide. This 
will typically be true for a small diameter dielectric rod, 
where convection and radiation processes at the surface of 
the guide are much less efficient than thermal conduction 
within the rod. 

It is now necessary to relate the temperature Tw at the 
wall of the dielectric rod to the ambient temperature T

00
• 

This is done with the help of equivalent -heat transfer 
coefficients. 

Convection can be characterized by a heat transfer coef
ficient h c such that 

(12) 

where q c is the heat lost to convection, and A is the area of 
the convecting surface. 

Thermal radiation is characterized by the Stefan-Boltz
man radiation law, where 

(13) 

The constant o is equal to 5.67 X 10-s W /m2K4, and ~ 
is the emissivity of the radiating surface. 

Equation (13) can be rewritten as 

(14) 

where 

(15) 

The total heat q in a rod element of volume ?Ta2!lz is 
given by (11). Combining (11)-(13) 

aP!lz = hi{2?Tal:!.z )(Tw - T
00 ) (16a) 

where 

h,=h,+hc. (16b) 

Thus 

aP 
(17) Tw=2h+Too. ?Ta I . 

This expresses the temperature at the wall of the rod in 
terms of the power carried by the HE11 mode, the loss 
factor a, _ and the combined effects of thermal radiation 
and convection at the surface of the rod. 

The heat transfer coefficient h, is given by (15). Holman 
[9] gives an expression for h c due to free convection across 
a horizontal cylinder, where 

_ {( ) }1/4 W h c - l.32 Tw - T
00 

/2a -
2

-
m K 

(18) 

and (Tw - T
00

) is specified in degrees centigrade. (Other 
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TABLE I 
PROPERTIES OF POLYSTYRENE AND PTFE 

POLYSTYRENE PTFE 

171 • £, 

TAN d 171 • 

dcRITICAL - mm 

TMELTING - °C tlO) 

TGLASS - 'C llOI 

k - W/m·K 181 •• 

DIELECTRIC 
STRENGTH - volt/m 181 

2.53 

.00100 

2.55 

240 

100 

.116 

1.7 X 107 

2.00 

.00021 

3.16 

327 

.277 

1.97 X 107 

* measured at approx. 70 GHz (Jl 

* * measured at 50 °C 

TABLE II 
POWER-HANDLING CAPACITIES OF VARIOUS DIELECTRIC 

WAVEGUIDES AT 71.7 GHz [7] 

DIAMETER " he ha/~ Too Prad Pconv 

MATERIAL (mm) R NEPER/m WATT/m 2 ·K WATT/m 2 ·K KELVIN WATTS WATTS h1a/2k 

PTFE 2.01 .3253 .2080 29.48 

PTFE 2.01 .3253 .2080 26.10 

PTFE 3.00 .6001 .3838 26.67 

PTFE 3.00 .6001 .3838 23.61 

POLYSTYRENE 1.60 .2251 .8671 26.8·3 

POLYSTYRENE 1.60 .2251 .8671 19.74 

POLYSTYRENE 2.38 .5438 2.0948 24.29 

POLYSTYRENE 2.38 .5438 2.0948 17.87 

expressions are available for h c under conditions of forced 
convection, convection from a vertical cylinder, etc., [9].) 

A final problem concerns the measurement of the emis
sivity of a dielectric. However, since O ~ g ~ 1, it is possible 
to determine the limits of thermal radiation even if accu
rate data for g is not available. 

It is now possible to estimate the power-handling capa
bilities of practical millimeter-wavelength dielectric-rod 
waveguides. Table I gives relevant properties of PTFE and 
polystyrene from (7), (8), and (10). There is some slight 
disagreement in the literature over some of these values. 
This is not surprising, as polymers are noted for sample
to-sample variations of their properties. Furthermore, some 
parameters, such as t tanc5, and k, the thermal conductiv
ity of the dielectric, exhibit variations with temperature. 
However, the values presented in Table I are more than 
adequate for the problem at hand. 

Table II presents calculations of power dissipation under 
a variety of conditions for PTFE and polystyrene wave
guides of various diameters. The assumption is made that 
T w = T0 = Tm, the melting temperature of PTFE, and Tw = 
T0 = Tg, the glass transition temperature of polystyrene. A 
figure of merit, h 

1
a /2k, is also presented. Solution of the 

classic problem of heat flow in a cylinder indicates that if 
this quantity is substantially less than 1, the assumption. 
that T0 == Tw is reasonable [9]. 

The power required to set T0 equal to Tm or Tg is 
calculated separately for convection only ( h, = 0) and for 

14.69 100 217 .1 .080 

22.57 293 202.1 232.2 .088 

14.69 100 173.4 .112 

22.57 293 160.4 167.3 .125 

4.00 ·100 6.2 .106 

8.50 293 3.8 8.6 .097 

4.00 100 3.8 .145 

8.50 293 2.3 4.7 .135 

radiation only ( g = 1, h c = 0). Two values of ambient tem
perature are considered. T = 293 K corresponds to room 
temperature, T = 100 K to a hypothetical space-born en
vironment. In this latter case, heat loss due to convection is 
assumed to be zero. 

The important conclusion to be drawn from Table II is 
that the maximum power levels permitted by the considera
tion of dielectric heating are substantially less than thos · 
calculated for dielectric breakdown. Furthermore, there is a 
huge difference between the power that can be handled b 
a PTFE rod and that for a polystyrene rod. This differenc 
results from the combined effects of the different values fo 
tan 8 and Tg or Tm. With the continued development o 
high-power millimeter-wave sources, it is conceivable tha 
polystyrene will be unsatisfactory for many applications 
PTFE, on the other hand, has much to recommend it. It i 
already commerically available as clad cylindrical dielectri 
waveguide for use in frequency bands from 26-140 GH 
[11]. 

Finally, it should be noted that the effective surface are 
of a dielectric waveguide can be increased by roughenin 
the surface. This will increase the amount of therm 
radiation and the efficiency of convection. An imperfec 
surface is often thought to result in unwanted microwav 
radiation from the dielectric rod. However, Marcuse ha 
shown that a rough surface causes radiation loss only whe 
the spatial dimensions of the surface irregularities ar 
comparable with the difference in wavelengths betwee 
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guided and radiation modes of the dielectric rod [12]. Thus, 
it may well be practical to modify the surface finish of· a 
dielectric rod for heat dissipation purposes without inter
fering with· its microwave performance. 

IV. CONCLUSION 

The previous discussion has been an attempt fo compare 
the effects of dielectric breakdown and dielectric heating in 
a dielectric waveguide. Sample calculations have been pre
sented for polystyrene and PTFE guides operated in the 
70-GHz region. The results indicate that dielectric heating, 
not breakdown, limits the amount of power that a typical 
rod waveguide can carry. 

The PTFE rod can carry considerably more power than 
its polystyrene counterpart. Coupled with desirable me
chanical properties, such as strength, flexibility, and corro
sion resistance, the dielectric and thermal properties of 
PTFE suggest that it will be an important material in the 
development of high-power millimeter-wave technology. 
· Traditionally, the heat transfer calculations presented in 
Section IV have been of interest prim_arily to mechanical 
engineers. However, given the close relationship between 
classical heat flow and electrostatics, the discipline of heat 
transfer should perhaps be of more interest to electrical 
engineers. At least in the case of millimeter-wavelength 
dielectric waveguides, the heat transfer calculations appear 
to add some useful insight "to the practical problems that 
will eventually be encountered as millimeter-wave technol
ogy progresses. 
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85-115-GHz Receivers for 
Radio Astronomy 

D. P. WOODY, R. E. MILLER, AND M. J. WENGLER 

Abstract -Low-noise receivers for radio astronomy have been built 

using Pb alloy superconducting tunnel junction mixers operating at 4.5 K. 

They have been used for 85-115-GHz astronomy with double-sideband 

receiver noise temperature between 70 and 200 K. Junction fabrication and 

receiver construction, operation, and performance are described herein. 

I. INTRODUCTION 

THE FIRST REPORTS of heterodyne mixing in super

conductor-insulator.:...superconductor (SIS) tunnel 

junctions using quasiparticle effects indicated that they 

would make excellent low-noise millimeter-wave receivers 

[l], [2]. The theory of quantum mechanical mixing in 

quasiparticle tunnel junctions which describes the oper

ation of these devices indicated that the mixer noise tem

perature should approach the quantum limit hf/kB where 

h is Planck's constant, kB is Boltzmann's constant, and / 

is the signal frequency [3]. At 100 GHz, the quantum limit 

is 4.8 K. This theory also predicted that quasiparticle SIS 

mixers would not be limited by having conversion loss as 

are classical mixers but should be capable of achieving 

large conversion gain [4] and thus greatly decreasing the IF 

amplifier's contribution to the total system noise. The 

predicted excellent performance and the success of the first 

tests of a complete SIS receiver [5] indicated that these 

receivers would be very useful for millimeter-wave astron

omy. A review of many of the important aspects of SIS 

receivers for radio astronomy has been given by Phillips 

and Woody [ 6]. 
This paper describes the tunnel junction receivers which 

were developed for the Owens Valley Radio Observatory 

(OVRO) Millimeter Interferometer. They use a simple cir

cular waveguide mixer block, Pb alloy junctions, and are 

cooled using a commercial 4.5-K closed-cycle refrigerator. 

These receivers are in routine operation over the frequency 

range from 85 to 115 GHz and have achieved double

sideband noise temperatures of 100 K with IF bandwidths 

greater than 250 MHz. We have had more than four years 

of experience using SIS receivers for radio astronomy and 

have found them to be reliable and well suited to a 'large 

variety of astronomical observations. The receivers have 

been used for continuum and line observations and for 

both linked interferometry and very long baseline inter

ferometry. 

Manuscript received June 10, 1984; revised August 30, 1984. The work 
at Caltech was supported by National Science Foundation Grant AST-
8214693. 
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Fig. 1. Typical de I - V characteristic of a PblnAu junction at 4.5 K. 

The normal state conductance, "leakage" conductance, transition width 
at the gap voltage, and Josephson supercurrent are labled GN, Gv Vr, 
and le, respectively. 

II. SIS JUNCTIONS 

A junction must satisfy several different criteria if it is t 

be used in a practical receiver. It must have the electrical 

characteristics necessary to make a good mixer. It must 

also be stable and rugged enough to survive normal han

dling and be packaged in an easy to use structure. Th 

basic structure of an SIS tunnel junction is simply 

superconductor-insulator-superconductor sandwich. Th 

physical process in use here is the tunneling of quasipar 

tides (single electrons as opposed to superconducting pairs 
through the insulating barrier. The mixing properties of th 

junction are determined by its de I -V curve [7]. The d 

I -V curve in turn is dependent upon the superconductin 

alloys and dielectric used to form the tunnel junction. Th 

electrode and insulating materials along with the fabrica 

tion process also determine the stability and ruggedness o 

the junction. The embedding network nearest the junctio 

depends upon the electrode geometry, size of the junctio 

and the substrate material. 
Heterodyne performance can be calculated from the d 

I - V curve using the quantum mechanical theory of mixin 

developed by Tucker [7]. It is not necessary, though, t 

perform detailed calculations to evaluate the suitability' 

a particular junction for use in a mixer. A typical I -

curve for one of our Pb alloy junctions at 4.5 K is shown · 

Fig. 1. The curve can be conveniently divided into thr 

0018-9480 /85 /0002-0090$01.00 ©1985 IEEE 

r 



WOODY et al.: 85-115-GHz RECEIVERS FOR RADIO ASTRONOMY 

parts: the region above the gap voltage Ve with approxi
mately linear conductance GN, the region below the gap 
with roughly linear "leakage" conductance Gv and the 
transition from GL to GN of width VT. The three parame
ters GN, Gv and VT qualita~ively determine the mixing 
characteristics of an SIS junction. The discontinuities and 
features which are apparent near the origin arise from the 
tunneling of superconducting pairs and the Josephson ef
fect. This region is not treated by simple quasiparticle 
mixer theory and is often ·associated with a large excess 
noise. This becomes a serious problem for small capaci
tance junctions operating at RF frequencies greater than 
about half of the gap energy, hf> eVc/2. , · 
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Fig. 2. An SEM photograph of the photoresist bridge structure used to 
fabricate small-area tunnel junctions. 

GL is equivalent to a lossy element in parallel with the aluminum buffer film, and a 0.75-µm top photoresist layer 
device and thus the normalized "leakage" gL = (]L/GN which is exposed through a patterned mask. The exposed 
must be kept to a minimum. Tucker's theory reduces to area of the top photoresist layer is developed away, the 
that of a classical resistive mixer in the limit hf/ e « VT aluminum buffer layer etched through, and the bottom 
[7]. Thus, we must have VT< hf /e if we are to achieve the photoresist developed to undercut the top layer by l µm. 
high conversion efficiency or gain which is possible with Unexposed areas in lhe top layer ·which ar.e less than 1 µ,m 
these quantum mixers. A junction satisfying VT< hf /e is wide are completely undercut. This allows fabrication of 
well approximated by an ideal junction (GL = 0, VT= 0) structures in the photoresist which consist of bridges of 
with normal stat~ conductance_ G~ = GN - GL in parallel photoresist suspended above the substrate. Fig. 2 is a 
with its fixed capacitance and a shunt conductance Gv picture of one of the bridge structures used to make SIS 
The impedance at a particular port of the mixer depends tunnel junctions. The bridge is defined by contact UV 
upon the terminations at all of the other ports but will be exposure through a chromium mask The mask is made 
proportional to RN= G1:/. The signal impedance is typi- using electron-beam writing and can be re-used many 
cally somewhat less than RN while the. IF impedance is times. 
equal to or larger than RN· Thus, a good SIS junction will The deposition of the base electrode, oxidation of this 
haveanarrowtransitfonregionfromGL toGN(VT<hf/e), electrode to form the insulating layer, and deposition of 
low "leakage" (gL < 0.1), and an impedance which is con- tiie counter electrode are all done without breaking the 
venient for matching to the RF and IF circuits (20 < RN < vacuum in the evaporator. The base electrode for Pb Bi 
200 0). · , · junctions is formed by sequentially evaporating 0.02 µm of 

We· have used both PbinAu and PbBi alloys for the · In and 0.2 µm of Pb90 Bi10 to completion from one side of 
junction electrodes. The insulating dielec_tric is formed by the bridge. This is exposed to an 02 discharge for an 
oxidizing the bottom electrode. These alloys were chosen as empirically determined· 1ength · of time to give . the desired 
a compromise between pure superconducting met'als which current density in the resulting junction. The counter elec
exhibit excellent· J -V characteristics but don't survive ther- trode is formed by evaporating 0.2-µm of Pb90 Bi{0 to 

al cycling arid more heavily alloyed systems which· are completion from the other side of the bridge. A PbBi alloy 
ery stable but have inferior I -V characteristics [8]. junction· is formed by the overlap of the two electrodes 

The sandwich structure of the junction gives rise to a beneath the suspended photoresist bridge. The excess metal 
apacitance in shunt across the junction. The magnitude of is lifted off the substrate by dissolving the underlying 
his capacitance is set by the junction area and the thick- photoresist in acetone. For PbinAu junctions, the base 
ess and dielectric constant of the insulating barrier. The electrode consists of 0.2-µm Pb90In 08 Au 02 alloy and the 
lectrodes are superconducting and thus an arbitrarily large counter electrode consists of 0.3-µm Pb96 Au 04 alloy. It is 
apacitance can in theory be tuned out, but only over a assumed that the evaporated metals diffuse at room tem-
imited bandwidth. The capacitance should be kept small perature to form nearly t1niform thin-film alloys. The jun~
or broad-band operation and to decrease the necessary Q tions are protected with 0.4 µm of photoresist. The wafer is 
f the tuning circuit. Lead alloy junctions with oxide then cut into· 0.25 X 1.78 mm chips. Fig. 3 is an SEM 
sulating barriers typically have a capacitance of ~ 0.04 picture of two junctions. 

F /µm 2 [8] and thus an 80-0 junction with an area of 0.5 The junction area is determined by the bridge length and 
m2 will have 2wfRC == 1 at 100 GHz. width (1 X 1 µm), its height above the substrate (1.5 µm), 
The devices are fabricated on 0.1-mm-thick polycrystal- and the relatively coarse adjustment of the two electrode 

ne quartz substrates using a photolithographic bridge evaporation angles. Hundreds of chips with similar junc
ructure technique. This is a variation of the tri-level tion properties can be fabricated on the same wafer or a 
encil techriique developed by Dunkleberger [9] and range of junction areas, and thus resistances, can be made 
dapted by Dolan [10] for fabricating small-area tunnel by using a mask with several different bridge outlines. 
nctions. The tri-level stencil consists of a 1.5-µm bottom The junctions fabricated in this way are well suited for 
otoresist. layer which is uniformly exposed, a 3-nm millimeter and submillimeter mixers. They have normal 
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(a) 

(d) 

Fig. 3. SEM pictures of Pb alloy tunnel junctions: (a) is - 0.5 x 0.5 µ,m 
and is near the limit of what can be easily fabricated using this 
technique, (b) is - l.0x2.0 µ,m. 

state resistances in the range from 20 to 200 n and a 
capacitance of - 0.02 pF. These junctions have been. used 
in receivers operating as high as 380 GHz [11]. Their 
"leakage" is typically in the range from gL = 0.08 to 0.15 
at 4.5 K. They are reasonably stable and have survived 
storage in dry air at room temperature for as long as twelve 
months with little change. They should survive indefinitely 
at liquid-nitrogen temperatures. The failure rate on thermal 
cyclirig to liquid-helium temperatures is less than 10 per
cent. This is sufficient to allow measurement of the I -V 
curve in liquid helium before mounting in the mixer block 
and still survive periodic warm-ups. 

Ill. RECEIVER CONFIGURATION 

Four complete 100-GHz SIS receiver systems have been 
built for use in the OVRO millimeter-wave interferometer. 
Several different mixer block designs and cooled first-stage 
IF amplifiers have been used, but all the receivers have the 
same basic configuration. The receiver configuration is 
diagramed in Fig. 4. The principle parts are the local 
oscillator system, feedhorn, mixer block with backshort, 
and the IF amplifier chain. Three of the receivers are 
cooled to 4.5 K by closed-cycle refrigerators [12] and the 
fourth is cooled to 4.2 K in a liquid-helium cryostat. 
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Fig. 4. Schematic diagram of the OVRO SIS receivers. The feedhorn, 
mixer block, and IF amplifier are all cooled to 4.5 K. 

· The LO power requirements for SIS mixers are very 
small. A mixer utilizing a single junction requires 
- (hf /e) 2/RN of absorbed LO power. This is only a few 
nanowatts at 100 GHz. Even allowing for large mismatches 
and < I-percent coupling of local oscillator power from 
the source to the mixer, only a few microwatts of power are 
required from the LO source. The LO sources used for the 
receivers at the OVRO millimeter interferometer are Gunn 
oscillators in the 50-GHz range doubled to -100 GHz 
using a comiilercial doubler [13]. This is coupled via a 
0.1-mm-thick mylar beamsplitter, which reflects - -26 dB 
of the incident TM polarized LO into the mixer. 

The feed is a scalar horn designed to operate from 90 to 
115 GHz with a 30° included angle at the -13-dB taper. 
The design is based upon the standard formulas given by 
Thomas [14]. This is machined directly from aluminum an 
its beam pattern was measured at 115 and 90 GHz an 
found to be satisfactory. The horn is attached directly t 
the cooled mixer block. A A /2 crystalline quartz windo 
in the 60-K radiation shield is used to block the infrare 
radiation. 

The theory of SIS mixers indicates that a broad range o 
embedding network impedances will yield excellent re 
ceivers (noise temperature< 100 K) [6] so that it is onl 
necessary to avoid large parasitics or extreme impedanc 
transformations. Presumably, mixers with noise tempera 
tures close to the quantum limit will require an optimize 
embedding network. The mixer blocks we use all have th 
quartz chip supporting the junction mounted across th 
waveguide parallel to the E-field. One end of the junctio 
is grounded to the waveguide wall and the de bias and I 
signals are brought out through an RF choke structure · 
the opposite wall. A sliding backshort provides the onl 
RF tuning. Rectangular waveguide with aspect ratios 
2:1 and 8:1 and circular waveguide have been used. T 

. circular waveguide mixers have produced the best receive 
and will be described in more detail below. 
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The circular waveguide mixer block is designed for ease 
of fabrication. Fig. 5 is a cutaway drawing of the block. It 
utilizes circular waveguide 2.4 mm in diameter Uc= 74 
GHz) milled into OFHC copper. The waveguide is mul
timoded at 115 GHz, but it is expected that only one 
polarization of the TE11 mode is well coupled to the 
junction because of the symmetry of the mounting struc
ture. The junction is suspended between two copper post~ 
which extend into the waveguide from opposite sides. The 
posts have a "D" cross section in the waveguide. The chip 
containing the junction is placed across the posts with the 
superconducting film side next to the flat part of the posts. 
Silver paint is wicked between the posts and the chip to 
provide mechanical support and electrical connection. This 
geometry keeps the electrical length through the paint to 
< 25 µm. One of the posts is soldered directly to the 
waveguide. The other post is made from 0.57-mm-diani 
copper wire with enamel insulation on it. It is glued into a 
0.61-mm-diam hole in the block using 7041 GE varnish 
and it provides the de and IF connections. There is a 
A/4-wide slot in the block A/4 from the waveguide to act 
as a high-impedance section in the coaxial RF choke. The 
diameter of this coaxial line is small enough to allow only 
the TEM mode to propagate below ~ 120 GHz. The 
backshort is a choked plunger with the first 0.74-mm-long 
low-impedance section and the following 0.84-mm-long 
high-impedance section noncontacting and the shaft of the 
plunger is a slide fit. It is adjusted by a shaft connected to 
the outside of the dewar. Note that the feedhorn ends very 
close to the junction plane so that there is virtually no 
waveguide in front of the mixing element and the structure 
can't be accurately analyzed in terms of simple structures 
in an infinitely long waveguide. 

The first-stage IF amplifiers are cooled GaAs FET L
band. amplifiers. One of the receivers uses a three-FET 
amplifier provided by S. Weinreb of the National Radio 
Astronomy Observatory. The other receivers use a two-FET 
amplifier developed by E. Sutton for low-power dissipation 
and is based upon the design of S. Weinreb [15]. These IF 
amplifiers have noise temperatures in the range from 8 to 
12 Kover a 500-MHz bandwidth and more than 24 dB of 
gain. We have also used a cooled isolator [16] between the 
mixer and IF amplifier to improve the performance under 
mismatched conditions. 

All of the parts are fabricated using standard machining 
techniques. The simplicity of . the design lends itself to 
scaling to higher frequencies. Sutton has implemented this 
design in a receiver operating in the range from 180 to 300 
GHz [11]. The mixer block and backshort can be scaled to 
even higher frequencies, but a more sophisticated proce
dure may be required to fabricate the feedhorn. 

IV. RECEIVER PERFORMANCE 

The SIS receivers have been evaluated on the telescope 
nder normal operating conditions. The primary perfor
ance measurement is of the response to hot (290 K) and 

old (80 K) loads placed between the receiver feedhorn and 
e telescope optics. There are three tuning parameters: the 
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Fig. 5. Cutaway isometric drawing of the 2.4-mm-diam circular wave
guide mixer block. Some dimensions are given in the text. The mixer 
block is solid copper with holes bored for the circular waveguide and IF 
line and a slot for the high-impedance section of the IF cho.ke. The 
feedhom is machined directly from aluminum. The backshort is 
gold-plated phosphor-bronze. 

backshort position, the de-bias voltage, and the LO power 
level. The tuning procedure is straightforward. The back
short is set to maximize the coupling · of the LO to the 
junction by monitoring the bias current at a fixed bias 
voltage. The bias voltage and LO power are then tuned to 
give a local maximum in the IF power with the hot load in 
place. The best performance is obtained when the bias 
voltage is ~ 1 /2 of a photon step (hf/ e) below the gap VG. 
Extensive mapping of the performance versus tuning 
parameters has shown that this gives the minimum receiver 
noise temperature for most of the receivers we have tested. 
The receiver has essentially balanced sideband response 
when tuned using this method. Single-sideband response 
can usually be achieved by adjusting the backshort to 
optimize coupling to the desired sideband. Greater than 10 
dB of image rejection has been achieved. The instanta
neous bandwidth of the different mixers varies from a few 
to tens of gigahertz. The bandwidth is reduced as. the 
backshort is adjusted to tuning positions further from the 
junction. 

Receiver and mixer performance · are determined from 
I -V curves and measurements of the IF output power 
( PIF) with hot (290 K) and cold (80 K) Eccosorb loads 
held at the mixer input. Fig. 6 shows the data for a receiver 
with a 95-GHz LO. The PIF was measured in the band 
from 1~50 to 1500 MHz and is calibrated in terms of the 
equivalent Rayleigh-Jeans temperature at the IF amplifier 
input. This calibration and also a determination of the IF 
amplifier added noise are calculated using the linear por
tions of the I -V and PIF curves. Tunneling of quasipar
ticles gives rise to shot noise [17]. For a junction biased 
where the current is a linear function of the voltage, the 
shot noise power spectral density increases at a rate of 
e/2kB = 5.8 K per mV. Then, the linear portion of the PFF 
curve must have a slope of 5.8 K per m V when referred to 
the IF amplifier input. The linear portion of the I -V 
extrapolates to zero at 0.6 m V. Then, an extrapolation of 
the linear portion of the PIF curve back to 0.6 m V de
termines the noise power added by the IF amplifier to be 
11.7 K referred to its input. In this way, the noise added by 
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Fig. 6. I - V and IF power versus de voltage bias for a typical receiver 
with 95-GHz LO applied. The I- V with no LO is also shown. The IF 
power curves are taken with hot (290 K) and cold (80 K) loads in front 
of the feedhom. The dashed lines extrapolate the linear portions of the 
I - V and the IF power curves. The current e:;ctrapolates to zero at 0.6 
mV. These are used to determine receiver and IF amplifier performance 
as described in the text. 

the IF amplifier is calibrated for IF source admittances 
equal to G N· A frequency down conversion efficiency of 
44/210 = - 6.8 dB and a mixer temperature of 4.8 K can 
be calculated, since the dynamic conductance at 1.9 m V 
with LO applied is close to GN. The total receiver noise 
referred to its input is therefore 105 K. 

The receiver performance is monitored at the various 
frequencies used for astronomical observations. The hot
and cold-load measurements consistently yield double
sideband noise temperatures between 100 and 200 K over 
the frequency range from 85 to 115 GHz. The receivers 
often are actually operating as single-sideband systems so 
that the single-sideband performance ranges froin 100 to 
400 K with typical values of 150 to 250 K. The double
si_deband noise temperature of one of the better receivers is 
plotted in Fig. 7. The best noise temperature achieved to 
date is 70 K double-sideband at 114 GHz. 

Tunnel junctions made using the same alloys can have a 
much smaller "leakage" current gL and a narrower transi
tion width Vr when cooled to 2 K. Thus, we could expect 
to improve the performance of our mixers by cooling them 
to 2 K. It ·is also clear that this simple mixer design does 
riot yield an optimum embedding network for the junction. 
An optimized mixer circuit would yield a greatly improved 
system, even at 4.5 K. 

V. CONCLUSIONS 

SIS tunnel junction receivers have proven to be a practi
cal way of achieving the low-noise performance required 
for radio astronomy. The receivers are easy to construct 
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Fig. 7. Noise temperature of one of the better receivers as measured 
during astronomical observations. The measurements were made using 
hot and cold -loads in the telescope beam transport path. The noise 
temperature is given as double sideband but often the receiver was 
actually operating with a signal-to-image ratio greater than four, so that 
the single-sideband noise temperature is much less than twice the 
double-sideband values plotted. 

and operate aside from the state-of-the-art junction fabri
cation and the complication of cooling the mixer to 4.5 K. 
The low local-oscillator power requirements make it much 
easier to generate the local-oscillator power than for other 
kinds of millimeter heterodyne receivers. The performance 
we have achieved indicates that excellent receivers can be 
made using simple mixer structures, although the best 
performance shouid approach the quantum limit of hf/ k 8 

and will require optimized mixer designs. 
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Field Theory Design of-Rectangular Waveguide 
Broad-Wall Metal-Insert Slot Couplers for 

Millimeter-Wave Applications 
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AND NORBERT SCHRODER 

Abstract -A design theory for broad-wall metal-insert slot couplers 
suitable for an inexpensive and very accurate metal-etching manufacturing 
technique is described. The method of field expansion into suitable eigen
modes used considers the effects of finite insert thickness and higher order 
mode interaction at the step discontinuities. Computer-optimized design 
data for -3-dB couplers in the Ka- and W-bands are given. The data of 
the Ka-band design are transferable into the U- and V-bands by suitable 
frequency scaling calculation. Since the metal-etching technique is also 
advantageously applicable for couplers in the centimeter wavelength range, 
optimized design data for £-plane slot couplers in the often used Ku- and 
R120-waveguide-bands are included in the· tables given. A Ku-band metal
etched four-slot coupler prototype achieves a ± I-dB bandwidth of the 
- 3-dB coupling of about 2 GHz, together with - 36-dB isolation. The 
measurements show good agreement with theory. 

Manuscript received May 30, 1984; revised September 18, 1984. 
The authors are with the Microwave Department, University of Bre

men, Kufsteiner Str., NW 1, D-2800 Bremen 33, West Germany. 

I. INTRODUCTION 

COUPLING BY SLOTS.over the whole width of the 
common.broad-wall with minor thickness [1] or thick

nesses of about one-quarter guide wavelength (" branch 
guides") [2]-[15] is an attractive technique to design direc
tional couplers with the potential of wide variation of 
coupling, directivity, input VSWR, and bandwidth values. 
Although the Reed [4] coupler type has already been 
successfully applied at millimeter wavelengths [12]-where 
the approximately A go/4 long branch lines are fabricated 
by assembling and soldering two suitably milled wave
guides-for appropriate coupler designs it may often be 
desirable, however, to make use of the highly accurate and 
inexpensive metal-etching technique as has been shown 
recently as an example of metal-insert filters [16], [17]. This 

0018-9480/85/0002-0095$01.00 ©1985 IEEE 
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technique requires coupling wall thicknesses of about t = 
0.05-0.2 mm. The purpose of this paper is to achieve a 
suitable computer-aided design of such broad-wall slot 
couplers (see Fig. 1). 

The design is based on field expansion into incident and 
scattered waves of interest. This allows direct inclusion of 
higher order mode coupling, finite wall thickness, and 
discontinuity effects at the slots and at the change in the 
height of the two waveguides. Matching the fields at com
mon interfaces yields the corresponding scattering matrix. 

An optimizing computer program varies the coupler 
parameters until coupling, transmission loss, isolation, and 
input VSWR correspond to predicted values. So the desig
ner may compromise between different coupler properties, 
if desired. The evolution strategy method [16], [17] is 
applied where no differentiation step in the optimization 
process is necessary. Coupling integrals in the orthogonal
ity relations of the field expansion can be evaluated ana
lytically and only a modest number of waveguide modes is 
required to achieve satisfactory convergence. This reduces 
the involved computing time considerably. 

Data for optimized Ka-band and W-band broad-wall 
slot couplers are given. The Ka-band design data are 
transferable into the U- and V-bands by suitable frequency 
scaling calculation as has been proved by exact analysis. 
The converted · coupling sheet metal thicknesses are com
mercially available ( t = 100 µ,m) for these cases, like the 
related origir. 1 values for the Ka-band ( t = 150 µ,m, t = 190 
µ,m, respectivuy). Since the metal-etching technique is also 
advantageously applicable for couplers in the centimeter 
wavelength range, optimized design data for broad-wall 
slot couplers for the Ku- and the R120-waveguide-bands 
are included in the design tables. Investigations of the 
influence of tolerances due to etching errors show that the 
designs are relatively insensitive to that influence. Mea
sured results for a simple metal-etched four-slot 3-dB cou
pler in the Ku-band demonstrate good agreement with 
theory. 

II. THEORY 

For the computer-aided design of broad-wall slot cou
plers (see Fig. 1) the modal expansion technique [15]-[21] 
is applied. Normal eigenmodes are chosen so as to satisfy 
boundary conditions at the discontinuity. The technique 
proves to be ideally suited to computers, involving mainly 
the solution of sets of simultaneous linear equations. In 
contrast to network theory synthesis methods which have 
attained a high standard for the common branch-guide 
couplers [2]-[14], interaction effects of higher order modes 
between discontinuities (including the change in waveguide 
height and the coupling slot section with finite wall thick
ness) are taken into account. The inclusion of these effects 
has turned out to be important for this kind of broad-wall 
slot couplers. 

A TE10-wave incident in port 1, shown in Fig. 2(a), 
excites longitudinal section TE~n-waves [18], [19] at all step 
discontinuities. As in [15]-[17], therefore, for each typical 
homogeneous subregion v = I, II, and III (cf., Fig. 2(a)) the 
,-

y 

Waveguide 1 

Fig. 1. Broad-wall metal-insert slot coupler with insert thicknesses of 
about t = 50-200 µm suitable for metal-etching manufacturing tech-
nique. · 
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Fig. 2. Configuration for the field-theory treatinent. (a) Waveguides 
together with the metal insert containing the metal-etched coupling 
slots. The scattering matrices are SH discontinuity change in waveguide 
height (two-port), sw (homogeneous) waveguide section (two-port), 
and sc coupling slot-section including finite wall thickness (four-port). 
(b) Step discontinuity at the change in waveguide height at z = - /0 . (c) 
One-quarter section of the symmetric total coupling slot section ( z = 
0, · · ·, z = 2/1 , cf., Fig. 2(a)) with four boundary cases, (electric and/or 
magnetic wall at w1 and/or w2 ). Instead of b0 in the upper right 
quarter of Fig. 2(a), read b3 . 

fields [18] 

E<•> = - jwµ,v' X ITi1 
are derived from the x-component of the magnetic Hertzian 
vector potential ITh, which is assumed to be a sum of 
suitable eigenmodes satisfying the vector Helmholtz equa
tion and the boundary conditions. 
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For the investigation of the discontinuity at the change 
in waveguide height at z = -10 (Fig. 2(a) and· (b)), the 
Hertzian vector potentials for subregions v = I, II are as
sumed to be 

N 

III = ~ (Al e+Jk!mn(z+lol+DifJ e-Jk!mn(z+lo)) 
hx L., mn qn 

n=O 

N 

IIII = ~ (Bll e-Jk!!nn(z+lo) + DIIfJ e+Jk!!nn(z+lo)) 
hx L., mn p 

n=O 

where 

k = m'TT kI = wrr k1i= n'TT k'2 = k2 - k2 - k'2 
X a ' y b1 ' y bz ' zmn X y 

with k 2 = w21u, 8qn is the Kronecker delta, N is the 
number of eigenmodes considered, D1, D 11 are the ampli
tudes of the exciting TE:q-wave, and Arnn• Bmn are the 
unknown amplitude coefficients of the eigenwaves excited 
at the discontinuity. In (2), a summation of the Arnn' Bmn 
with regard to the index m is not necessary, a change in 
the mode order m does not occur since there are no 
structural variations in the x-direction (Figs. 1 and 2). 

By matching of the tangential field components at the 
common interfaces Ej1l = EJ11l (y£(0, b1)), Ej11l = 0 
(y£(b b )) n<1l = n<n) (y£(0 b )) n<1l = n<n) l> 2 > X X > 1 > y y 

(y£(0, b1)) across the step discontinuity at z = - /0 , a 
process which may be simplified using (1), by the condi
tions 

II (I) - rrn I 
hx - hx z= -lo 

fJilhlx -{ fJIIL 
8z - 8z 

·o z= -10 

y E (0, h1) 

y E (0, b1) 

yE(b1,h2) 
(3) 

and utilizing the orthogonal property of the modes [18], the 
still unknown coefficients A~n' B!1n in (2) can be related to 
each other 

N 

D 18qn+A~n= L (D 118qk+B!\)enk 
k=O 

N 

L ( D 18qn -A~n)k;mnfkn = ( - D 11flqn + B.!:k)k;~k· 
n=O . 

(4) 

The coupling integrals e nk• Ink due to th_e ()rthogonal 
property of the modes are elucidated in the Appendix. 
Using the matrix notation and considering successively the 
exitation by the TE:q-waves with the amplitudes D 1 = D 11 

= 1 in the subregions I and II, ( 4) may be written in the 
form of the scattering matrix (SH) of the discontinuity at 
the change in waveguide height 

after suitable normalization so that the power carried by a 
given wave is proportional to the square of the absolute 
value of the amplitude coefficient [18]. The scattering ma
trix elements of (5), each of which is a matrix of Nth 
dimension, are given in the Appendix. 

For the investigation of the discontinuity at the coupling 
slot section at z = 0 (Fig. 2(a) and (c)) the Hertzian vector 
potentials for subregions v = II, III are assumed to be 

N 

rrn = ~ '(A11 e+Jk!!nnz + D 118 e-Jk!!nnz)sink xcoskliy hx L., mn qn x y 
n=O ' 

N 

nm= ~ Bmsink xcoskmy -q,ci (z) hx L., mn x y mn (6) 
n=O 

where 

km= n7T km= (2n + 1) . !!.._ 
Y b3 ' Y 2 b3 

respectively (cf., Appendix). 
The standing-wave expression i',;/n(z) (cf., Appendix) is 

due to the fact that the calculation of the symmetric total 
coupling slot section (z = 0,- · ·, z = 2/1, Fig. 2(a))-includ
ing the discontinuity effect of the finite wall thickness 
t-may be simplified considerably by consequent applica
tion of the even and odd normal mode principle [3]. This 
leads to the one-port equivalent of the one-quarter section 
(III)(cf., Fig. 2(c)) including four boundary cases cl,··, c4 
(electric and/or magnetic wall at w1 and/or w2) if a unit 
wave amplitude Dn is incident from subregion II (cf., 
Appendix). 

By matching of the tangential field components at the 
comm.on interfaces across the step discontinuity at z = 0, 
the coefficients A~n• B!1! in (6) can be related to each 
other, analogously to (4), for each of the four boundary 
cases. The corresponding equations are given in the Ap
pendix. 

The four-port matrix (Sc) of the symmetric total cou
pling slot section ( z = 0,- · ·, z = 2/1, Fig. 2(a)) 

is then given by 

(sii) 
(sfz) 
( sf;) 
(s~) 

(sfz) 
(sii) 
(s~) 
( sf;) 

( sf;) 
(s~) 
{sii) 
(sfz) 

(s~) 
( sf;) 
(sfz) 
( Sii) 

(Sii) = ¼[ (Sf!)+(Sf;)+(Sf;)+(sf;)] 

( Sfz) = ¼ [ (Sf!)+ (Sf;)- (Sf;)- (Sf;)] 

(sf;) = ¼ [ (Sf;)- (Sf;)+ (Sf;)- (sf;)] 

( s~) ~ ¼ [ (Sf;)- (Sf;)- (Sf;)+ (sf;)] 

(7) 

(8) 

(s:n) 
(s~) 

where Sf~ is the input reflection coefficient of the one-port 
(5) equivalent of the one-quarter section III for the boundary 

cases cl, c2, c3, and c4, respectively (cf., Appendix). 
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TABLE I 
COMPUTER-OPTIMIZED DESIGN DATA FOR £-PLANE ~TAL INSERT -3-dB COUPLERS IN THE KA-BAND 

(WR28-HOUSING: 7.122 MM X 3.556 MM) 

bber Metal Slot Lengths !•) lnteraediate Lengths of IIM,guicle Height Nidband ± 1d8 Band- Isolation Return 
of Insert Section !•l h F.,..ncy vidth of the Loss 

Slots Thickness S1=Sii ¼1 ¼2 S4=Si!-3 ¾~ Lo=LN L1=LN-1 L~2 Lrlt--3 L~4 -Jell C...,ling 
N t (n) !•l (lillz) (lillz) (ell) (dB) 

5 0.19 0.123 0.528 0.376 1) 2.746 1.!112 0 31.7 4 40 39 

5 2) 0.15 0.112 0.532 0.554 1) 2.639 1.943 0 33 4.5 40 39 
5)) 0.085 0.153 1.261 0.092 0.765 1.7ll 0.192 0.225 34 4.5 ll ll 

1) To avoid higher order mode coupling effects, for practical designs, L0 = LN should be about two guide-wavelengths long 
(cf., Fig. 3(d)). 

2) Results shown in Fig. 4. 
3) Results shown in Fig. 3(a). 

Similar to [21), the overall four-port scattering matrix of 
the total coupler (Fig. 2(a)) is calculated by suitable direct 
combination of all single scattering matrices (SH), (Sc), 
and ( S w), the two-port scattering matrix of a homoge
neous waveguide section. Although the corresponding 
equations are somewhat voluminous, compared with the 
commonly used multiplication of transmission matrices, 
this procedure preserves numerical accuracy, since the di
rect combination of scattering matrix parameters contains 
exponential functions with only negative argument. 

For computer optimization, the expansion into five ei
genmodes at each step discontinuity ( change in height and 
bifurcation at the coupling slot) and four eigenmodes along 
each intermediate homogeneous waveguide section has 
turned out to be sufficient. The final design data are 
provided by expansion into eighteen eigenmodes. 

III. DESIGN 

As has already been introduced for metal-insert filters 
[16), [17), the computer-aided design is carried out by an 
optimizing program applying the evolution strategy method, 
which varies the input parameters until the desired coupler 
scattering matrix values for a given bandwidth are ob
tained. An error function F( x) to be minimized is defined 

F(x)= L uv + iw I ( S )
2 

( S )
2 

i=l Su(/1) S12(/J 

' ~Min (9) 

where/ is the number of frequency sample points/;; S1w, 
S1w, S13v, S14v are the desired given input reflection, 
isolation, transmission, and coupling coefficients, in de-

cibels, like Sn, S12, S13 , and Sw which are the calculated 
scattering coefficients of the coupler (Fig. 1) at the 
frequency /;; S13r and S14r are the given tolerated devia
tions in decibels of the desired transmission and coupling 
coefficients within a certain bandwidth range. S13 and S14 
are the calculated scattering coefficients of the coupler 
(Fig. 1) at' the frequency/;; S13r and S14r are the given 
tolerated deviations of the desired transmissiori and cou
pling coefficients within a certain bandwidth range. For 
desired waveguide housing dimensions, thickness t of the 
broad-wall coupling metal insert, and number of coupling 
slots, the parameters x to be optimized (Table I) are the 
slot and the intermediate coupling wall lengths. The total 
time for the optimization of one set of coupler parameters, 
e.g., for a five-slot coupler, was about 60 min with the 
SIEMENS-7880 computer at the University of Bremen. 

IV. RESULTS 

The influence of the step height h at the discontinuities 
z = - 10 , z = In, Fig. 2(a) (change in waveguide height 
between the common broad wall of the waveguides and the 
coupling metal insert containing the metal-etched slots) is 
demonstrated in Fig. 3(a)-(d) as an example of a Ka-band 
five-slot coupler with a coupling sheet-metal thickness t = 
85 µm. Fig. 3 (a) shows the magnitude of the scattering 
coefficients S11 , S12 , S13 , and S14 in decibels (return loss, 
isolation, transmission, and coupling coefficient) as a func
tion of frequency of the computer-optimized coupler with a 
step height of h = 0.225 mm included in the optimization 
process, as well as the length /0 = 0.77 mm of the inter
mediate waveguide section towards the first or the last slot 
(Fig. 2(a)). Fig. 3(b) and (c), where'h is chosen to be about 
four ( b) and six times ( c) the height given in Fig. 3( a), 
demonstrate the distortion of the coupler behavior due to 
the higher order mode excitation at the step discontinuities 
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Fig. 3. · Magnitude of the scattering coefficients Sn, S12 , S13 , and S14 in decibels (return Joss, isolation, transmission, and 
coupling coefficient) as a fu11ction of frequency for a five-slot coupler in the Ka-band to demonstrate the influence of the 
step height h at the discontinuities z = -;--10 , z = l,;, Fig. 2(a) (cJ:tange in waveguide height of the common broad wall). 
Coupling sheet-metal thickness t = 85 µm. (a) Optimized coupler, h =" 0.225 mm, length 10 of the intermediate waveguide 
section towards the first or last slot 10 ,;,, 0.77 mm (included in the optimization process) (cf., Table I), (b) coupler of Fig. 
3(a), but h = 0.9 mm, 10 = 0.77.mm, (c) coupler cif Fig. 3(a), but h =1.35 mm, 10 = 0.77 mm, (d) coupler of Fig. 3(a) 
( h = 0.225 mm), but 10 = 2.2.5 mm. 

z = - 10 , z ~ l~ for increasing step height h. This influence 
may be reduced, however, by_ assuming an intermediate 
waveguide section of sufficient length /0, e.g., about two 
guide wavelengths long at midband frequency (Fig. 3( d)) 
where the excited higher order modes die down to a . 
negligible value. . 
, In order to achieve a better broad-band behavior than 

shown in Fig. 3(a), the previous results are utilized by 
choosing a broad-wall slot coupler with negligible step 
discontinuity height h at z = -10, z = l,; (Fig. 2(a)) to be 

optimized in the further designs. This may be achieved by 
. suitable mechanical construction, e.g., by a smooth transi

tion together with a s1.,1itable_ length 10 of the intermediate 
waveguide s~ction towards the first and last slot. Fig. 4 
shows . the result of an optimized five-slot coupler ( cf., 
Table I) in the Ka-band, where h is assumed to be negligi
ble. The analogy to .the coupler behavior in Fig. 3( d) is 
obvious. This design yields a - 3-dB ± 1-dB coupling band
width of about 5 GHz (relative bandwidth about 15 per
cent) with about 40-dB return loss and isolation. 
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Fig. 4. Magnitude of the scattering coefficients as a function of 
frequency for a computer-optimized five-slot coupler ( cf., Table I) in 
the Ka-band. Coupling sheet-metal thickness t = 150 µm, step height 
h =0 mm. 

The Ka-band broad-wall slot coupler design data (cf., 
I" 

Table I) may be transformed by suitable frequency scaling 
calculation into other common frequency bands covering 
the same relative frequency range, e.g, the U-band (40-60 
GHz) and the V-band (50-75 GHz). As has been proved 
by exact analysis, the transformation of all geometrical 
dimensions (including the coupling sheet-metal thickness t) 
with the related cutoff frequency ratio (Acnew/AcKa-band) 
yields only slight deviation of the coupler behavior com
pared with the optimized original results of the Ka-band. 
Tpe coupling sheet-metal thickness scaled down to the 
U-band ( t == 100 µm) and V-band ( t == 100 µm) from the 
original Ka-band value ( t = 150 µm, t = 190 µm, respec
tively) are commercially available, too. For higher frequency 
bands, like the W-band, however, truncation errors, e.g., 
concerning the metal-insert thickness, would lead to a 
noticeable influence on the coupler behavior. For the W
band, therefore, optimization data are given in Table II. 
The curves of an optimized W-band broad-wall five-slot 
coupler (cf., Table II), for example, are shown in Fig. 5. 
The ± 1-dB bandwidth of the - 3-dB coupling is about 9 
GHz (relative bandwidth about 10 percent) with more than 
30-dB return loss and isolation. 

Since the metal-ftching technique is also advantageously 
applicable for accurate and inexpensive production of cou
plers in the centimeter wavelength range, Tables III and IV 
yield optimized design data for E-plane couplers in the 
Ku-band and in the also often-used R120-waveguide-band 
(10-15 GHz). The latter design data include -4.77-dB 
couplers for application as power dividers in three parts. 
Fig. 6 shows the magnitude of the scattering coefficients 
S12 , S13 , and S14 of a simple broad-wall four-slot coupler · 
in the Ku-band which achieves, nevertheless, an absolute 

± 1-dB bandwidth of about 2 GHz (relative bandwidth 
about 12 percent) of the - 3-dB coupling with about 36-dB 
return loss and isolation (the curve for IS111 is omitted for 
clearness because it is nearly identical with ISd), 

To demonstrate the influence of etching errors on the 
coupler behavior, Fig. 6 includes the corresponding ISnl 
results if maximum etching errors of /1/ = + 70 µm (all 
coupling slot lengths are 70 µm longer, curve 2) and of 
D..l = - 70 µm (all slot lengths shorter, curve 3) are assumed 
for a worst-case example. These errors lead to a noticeable 
deviation of the isolation (and return-loss) behavior, the 
minimum value is more than 32 dB, however, in spite of 
these hypothetical relatively high etching errors. Normally, 
the metal etching accuracy is better than ± 40 µm, as has 
been proved by metal-insert filter designs [16], [17] and by 
production of simple broad-wall slot coupler prototypes. 
Fig. 7 shows the photograph of the coupling metal insert 
containing the four metal-etched coupling slots of the 
fabricated simple Ku-band coupler of Fig. 6, Table IV. The 
material of the 150-µm-thick insert is 99.9-percent pure 
copper; the measured deviation from the - 3-dB coupling 
insertion loss due to copper losses is less than 0.1 dB. The 
measured results (Fig. 6) show good agreement with the
ory. 

V. CONCLUSION 

Broad-wall metal-insert slot couplers achieve coupler 
designs suitable for the inexpensive and very accurate 
metal etching technique advantageously applied recently as 
an example of waveguide-integrated millimeter-wave filters. 
A suitable computer-aided design of such filters is based 
on the method of field expansion in appropriate eigen
modes which allows inclusion of finite metal thicknesses 
and the higher order mode interaction at the step discon
tinuities. Computer-optimized design data for three- to 
seven-slot couplers with commercially available metal
insert thicknesses of 100, 150, and 190 µm are given for the 
Ka- and the W-bands. The design data for the Ka-band are 
transferable into the U- and V-bands by suitable frequency 
scaling calculation. Since the metal-etching technique is 
also advantageously applicable in the centimeter-wave 
range, optimized design data for broad-wall slot couplers 
for the Ku- and R120-waveguide-band are included in the 
results. Measurements at a simple four-slot Ku-band cou
pler prototype show good agreement with theory. 

APPENDIX 

Coupling Integrals in (4) 

2 1b1 1 1 ( k7r ) ( nw ) enk=b ~ ~ COS by COS by dy 
1 0 VI + Sok VI + Son 2 1 

2 1b1 1 1 ( kw ) ( nw ) fkn=b ~~cosbycosbydy. 
2 0 V 1 + Sok V 1 + Son 2 1 

(Al) 
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TABLE II 
COMPUTER-OPTIMIZED DESIGN DATA FOR £-PLANE METAL 

INSERT -3-dB COUPLERS IN THEW-BAND 

(WRlO-HOUSING: 2.54 MM X 1.27 MM) 

Wer Metal Slot Lengths <•l lnteraed1ate Lenghts of Waveguide Height Midband 
of Insert Section <•> • h Frequency 

Slots Thickness S1=Sit ~1 ¾=Sii-2 S4=Sii-3 55¾-4 I,,~ l1=l1-1 lr¼.-2 L~._3 l4=l._4 
,N t <•> <•> (6Hz) 

3 0.1 0.146 0.536 1) 0.865 0 89 

3 0.15 0.168 0.579 1) 0.799 0 89 . 

52> 0.15 0.104 0.152 0.271 1) 0.725 0.388 0 90.3 

7 0.15 0.101 0.145 0.100 0.133 1) 0.694 0.209 0.200 0 94 

1) cf., footnote Table I. 
2) Results shown in Fig. 5. 

-S0+----+----------.--------1 

IS1kldB 

/\., __ ;\ 
· \ IS11l 

\ 

' 

------ - --------
075 BO 90 100 GHz 110 

Frequency 

± 1d8 Band- Isolation 
vidth of the 
-3d8 Coup! i ng 

(GHz) (dB) 

9 30 

9 29 

10 33 

5 38 

Fig. 5. Magnitude of the scattering coefficients as a function of frequency for a computer optimized W-band five-slot coupler 
(cf., Table II). Coupling sheet-metal thickness t = 150 µm, step height h = 0 mm. 

TABLE III_ 
COMPUTER-OPTIMIZED DESIGN DATA FOR £-PLANE METAL 

INSERT - 3-dB COUPLERS IN THE KU-BAND 

. (WR62-HOUSING: 15.79 MMX7.899 MM) 

bber Metal Slot Lengt_hs !•l lnteM1ed1ate Lenghts of Waveguide lleiljlt 
of Insert ' Section !•l h 

Slots Thickness S1=Sii srs...1 ¾=Sii-2 S4=5._3 S5=SN-4 Lo=LN L1=LN-1 L2=LN-2 L~3 L4=l._4 
N t !•l !•l 

4 0.19 0.198 3.623 1) 4.315 0.914 0 
-

42> 0.19 0.330 2.890 1) 3.750 0.370 0 -· 
6 0.19 0.336 2;720 0.163 1) 4.311 0.611 2.001 0 

7 0.19 0.198 1.320 0.476 1.814 .1) 4.346 1.985 0.865 0 

9 0.19 0.371 1.773 0.112 0.159 0.127 1) 4.208 0.542 4.141 2.143 0 

5 0.19 0.339 2.001 0.205 1.7 3.842 0.426 0.5 

7 0.19 0.200 0.750 0.640 2.400 0.95 3.950 .1.960 O.!nl 2 

1) cf., footnote Table I. 
2) Results shown in Fig. 6. 

111dband ± 1dB Band- Isolation 
Frequency width of the 

-3dB Coupling 
(GHz) (GHz) (dB) 

17 1.8 40 

16 2 37 

16.6 2 35 

16.6 2 40 

16.7 2 40 

15.3 1.3 30 

14.7 1 32 

101 

Return 
Loss 

(ell) 

30 

28 

34 

38 

Return 
Loss 

(dB) 

40 

37 

35 

40 

40 

30 

32 
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TAB½EIV 
COMPUTER-OPTIMIZED DESIGN DATA FOR £-PLANE METAL INSERT COUPLERS IN THE R120-BAND 

(WR75-HOUSING: 19.05 MMX9.525 MM) 

Coupling bber Neta! Slot Lengths !•l lnt81'11ediate Lenghts of Waveguide Height Midband ± 1dB Band- Isolation Return 
of Insert Section (u) h Frequency width of the Loss 

Slots Thickness S1=Sii ¼1 ¾=5l-2 S4=5l-3 Ss~. Lo=I.N L!=I.N-1 L~N-2 L3=LN-3 L4=LN-4 Coupling 
(dB) N t !•l (M) (GHz) (GHz) (dB) (dB) 

-3 5 0.2 0. 735 0.752 0. 730 1) 

-4.77 3 0.2 0.555 1.216 1) 

-4.77 6 0.2 0.385 0.274 0.199 1) 

-4. 77 9 0.2 0.166 0.106 0.200 0.118 0.182 1) 

1) cf., foot~ote Table I. 

-50+------..----.-V--.--t---.-.Y------, 
,~kl dB 

I -~ 

~}measured 

---o----

GHz 18 

Fig. 6. Magnitude of S12 , S13 , and S14 l!S a function of frequency for a 
computer-optimized simple Ku-band four.slot coupler (cf., Table III). 
Coupling sheet-metal · thickness t = 150 · µ.m, step· height h = 0 mm. 
Influence on I S12 I due to etching errors (lengths of the coupling slots all 
longer or shptter by fl/): · 

1 fl/= 0 

2 fl/= +70 µm 

3 fll=-7Qµm 
(the curves of !Sn! are omitted for clearness because they ~how similar 
behavior to !Sn!). ·' . · 

Scattering Matrix Elements in (J) 

sHmq= 
llmn 

SH mq= 12mn 

sHmq= 2lmn 

sHmq= 22mn 

lkfmnl ·Almq(I) 

le I mn 
zmq 

lkfmnl·b1 ·Almq(II) 

lk;~lh2 
mn 

lkf~nl·b2 ·Bllmq(l) 

lkfmql·h1 
mn · 

lkf~nl ·Bllmq(II) 

lk;~ql 
·mn (A2) 

7 .999 0.642 0 11.25 0.3 35 35 

7.996 0 11.25 0.3 30 30 
f-------e-

8.999 0.669 3.048 0 11.25 0.3 38 38 
f----

7 .514 0.407 6.080 0.334 0 11.25 0.3 40 40 

Fig. 7. Photograph of the metal insert contaimng the ·m~tal-etch'ed 
. coupling slots for the Ku-band four-slot coupler of Fig. 6. Material: 

99.9-percent pure copper, insert thickness t = 150 µm. 

where the superscripts mq denote the exciting mode, the 
subscripts mn the excited mode, respectively. The ampli
tuqe coefficients A and B are given by 

AimO(I) AimN(I) : AimO(II) AimN(II) 
mQ mO 

I 
mO mO 

I 
I 
I 

A
imO(I) AimN(l) I A ImO(II) A ImN(II) 
mN mN I mN mN -------------------~--------------------

B ilmO(I) BllmN(I) I B·IlmO(II) BllmN(II) 
mO mO I mO mO 

I 
I 

• I 
I BllmO(I) BllmN(I) 1 BllmO(II) BllmN(II) 

mN mN I mN mN 

(U) l -(enk) 
-------- 1 ___________ -----

(F)= 
: k 11 0 
1 zmO 

( k;mn°fkn) l 
: 0 k 11 
I zmN 

-(U) : (enk) 
-------- '----------------

(G)= 
! kn 
: zmO 

( k;mn°fkn) J 

0 

I 

: 0 k n 
zmN 

where (U) = unity matrix, and, e.g., A~f(Il denotes the 
amplitude coefficient AI of the TE!1-wave reflected in the 
subregion I excited by a TE!2-w~ve incident iri the subre
gion I (cf., Fig. 2(b)) with the amplitude DI =1; B!ItO<I) 

denotes the amplitude coefficieµt B11 of the TE!3~wave 
transmitted in the subregion II excited by a. TE!0-wave 
incident in the subregion I with the amplitude DJ= 1; etc. 
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Standing-Wave Expression '1'::/n<z) in (6) (cf, Fig. 2(c)) 

Case 1 (cl): 

Hi= 0 (magnetic wall) at w1 ( z = 11) 

E, = 0 (electric wall) at w2 (y = b3 ) 

'Y~~(z) = sink!~n(z-11) 

Case 2 (c2): 

E, = 0 (electric wall) at w1 (z = 11) 

E, = 0 ( electric wall) at w2 ( y = b3 ) 

'Y~~(z) = cosk!~n(z - /1 ) 

km= n1r 
y b3 . 

Case 3 (c3): 

H, = 0 (magnetic wall) at w1 ( z = - /1) 

H, = 0 (magnetic wall) at w2 (y = b3 ) 

'¥~!=sin k!~n( z - /1) 

(A4) 

(A5) 

Case 2: 

N 

-1·k1nsin(-kIIIt )BIII= ~ (An -Dn«5 )r. 
zm1 zm, 1 mz .i..., mn qn J,n2 

n=O 
N 

An.+ Dn«5 . = ~ cos(- km I )Bme. · mz qz .i..., z·mn 1 mn 1n2, 
n=O 

(A9) 

Case 3: 

N . 

-km ( km I )BIII - ~ (AII DII~ ) f +} zm;COS - zmi l mi - L, mn - 0 qn Jin3 
n=O 

N 

A II + DII~ - ~ . ( kIII I )BIII mi 0 qi- L, Sln - zmn 1 mnein3, 
n=O 

(AlO) 

Case 4: 

N 
·kIII . ( km I )BIii ~ (AII . DII~ ) r - J zmiSln - zmi 1 mi= L, mn - 0 qn Jin4 

n=O 
N 

A II DII~ ~ ( kIII 1 ) mi+ 0 qi = L, COS - zmn 1l ein4· 
n=O 

(All) 

km= (2n+l) .!!.... 
Y 2 b

3
• 

(A6) The coupling integrals in (A8)-(All) are given by 

Case 4 (c4): 

E, = 0 ( electric wall) at w1 ( z = - /1) 

H, = 0 (magnetic wall) at w2 (y = b3 ) 

'Yc4 = cos km (z - I ) mn zmn 1 

km= (2n+l) .!!.... 
Y 2 . b3 .° 

(A7) 

Relations of the Amplitude Coefficients in (6) due to Field 
Matching for the Four J]oundary Cases 

Case 1: 

iinl = hn2 = k!~n 

[bi 1 ( i7T ) 1 ( n1r ) Jn ~ COS b Y ~ COS by dy 
0 V .I. T uoi 2 V 1 + «Son 1 

[bi 1 2(i7T ) Jn -1 ~ cos -b y dy 
0 + Uo; 2 

[bi 1 ( i1r ) 1 ( n1r ) . Jn ~ COS by ~ COS by dy 
0 V .I. T uo; 1 V 1 + «Son 2 

f - f - kII 
lin3 - lin4 - zmn 

(Al2) 

(Al3) 

N 

+ jk!~icos(-k!~J1)B!1f= L (A~n-DII«Sqn)hnl 
n=O lbi 1 (2i+l ) 1 (n1r) ~ cos ~7TY ~ cos by. dy 

0 V .I. T uoi 2 V 1 + «Son 1 

N 

A~;+ DII«Sqi = L sin( - k!~nl1 )B;;!einl, 
n=O lbi 1 2 ( 2i + 1 ) 

ITCOS, ~7TY dy 
0 + Oi 2 

(A8) (A14) 

lbi 1 ( i7T· ) 1 ( 2n + 1 ) ~ cos by ~ cos ~1ry dy 
0 V .l T uo; 1 V 1 + «Son 2 

(A15) 
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The input reflection coefficient Sf~ in (9) is given by 

scimq = 
lpmn 

lk;~nl ·AIImq(II) 

lkII I mn 
qmz 

ci 

for the four boundary cases cl,· · •, c4. A~;:'q(II) is the 
amplitude coefficient An of the TE~n-wave reflected in the 
subregion II excited by a TE~q-wave incident in the subre
gion II with the amplitude Du= 1. This coefficient is given 
by (A8)-(All), using the matrix notation, analogous to 
(A3), for the,four boundary cases. 
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12-GHz-Band GaAs Dual-Gate 
MESFET Monolithic Mixers 

TADAHIKO SUGIURA, KAZUHIKO HONJO, MEMBER, IEEE, AND TSUTOMU TSUJI 

Abstract -12-GHz-band GaAs dual-gate MESFET monolithic mixers 
have been developed for use in direct broadcasting satellite receivers. In 
order to reduce chip size, a buffer amplifier has been connected directly 
after a mixer IF port, instead of employing an IF matching circuit. The 
mixer and the buffer were fabricated on separate chips, so that individual 
measurements could be achieved. Chip size is 0.96 X 1.26 mm for the mixer 
and 0.96 X 0.60 mm for the buffer. A dual-gate FET for the mixer, as well 
as a single-gate FET for the buffer, has a closely spaced electrode 
structure. Gate length and width are 1 µm and 320 µm, respectively. The 
mixer with the buffer provides 2.9 ± 0.4-dB conversion gain with 12.3 ± 0.3-
dB SSB noise figure in the 11.7-12.2-GHz RF band. Local oscillator (LO) 
frequency is 10.8 GHz. A low-noise converter was constructed by connect
ing a monolithic pre-amplifier, an image rejection filter, and a monolithic 
IF amplifier to the mixer. The converter provides 46.8± 1.5-dB conversion 
gain with 2.8 ± 0.2-dB SSB noise figure in the same frequency band. 

I. INTRODUCTION 

RECENT ADVANCES in GaAs technology have made 
monolithic microwave integrated circuits (MMIC's) 

more practical. Promising applications for this technology 
include inexpensive receiver front-ends for direct broad
casting satellite (DBS) systems [1]-(4]. 12-GHz-band low
noise GaAs monolithic amplifiers for use in DBS receivers 
have already been developed and reported [4]. This paper 
describes design considerations and performances for newly 
developed 12-GHz-band GaAs dual-gate .MESFET mono
lithic mixers. Performances for a low-noise converter, which 
was constructed by connecting the monolithic pre-ampli
fier, an image rejection filter, and a monolithic IF amplifier 
to the mixer, are also described. 

For MMIC's used in DBS receivers, a simple and highly 
reproducible fabrication process and small chip size are 
required for meeting low-cost objectives. For the first re
quirement, an IC process using ion-implanted closely 
spaced electrode FET's, which was successfully employed 
in fabricating monolithic amplifiers [4], [5], can be applied 
to the mixers' fabrication. For the second requirement, it is 
necessary to reduce the size for filtering and IF matching 
circuits because these circuits require the most area on a 
chip. 

To reduce the fiitering circuits' size, a dual-gate MESFET 
has been employed as a mixing devic.e. Because the dual-

Manuscript received March 19, 1984; revised August 20, 1984. 
T. Sugiura is with the Space and Laser Communications Development 

Division, NEC Corporation, Ikebe-cho, Mindozi-ku, Yokohama 226, 
Japan. 

K. Honjo is with the Microelectronics Research Laboratories, NEC 
Corporation, Miyazaki, Miyamae-ku, Kawasaki 213, Japan. 

T. Tsuji is with the Second LSI Division, NEC Corporation, 
Shimonumabe, Nakahara-ku, Kawasaki 211, Japan, 

gate FET has a built-in isolation effect among its elec
trodes, the filtering circuits can be greatly simplified [l]. In 
a mixer for the DBS receivers, a multisection matching 
circuit .is necessary for an IF port, because a large band
width ratio is usually required for the IF band. Therefore, 
the IF matching circuit requires the most area on a chip, 
other than the filtering circuit. In this work, chip size 
reduction is accomplished by introducing a buffer ampli
fier following directly after the mixer IF port, instead of 
employing the IF matching circuit. In addition to the chip 
size reduction, this approach is suitable for MMIC's be
cause IF port characteristics become less sensitive to varia
tion in element parameters, compared with using the 
matching circuit. 

II. CIRCUIT DESIGN 

A. Mixer and Buffer Amplifier 

Fig. 1 shows an equivalent circuit for the mixer with the 
buffer. The designed RF band is 11.7-12.2 GHz, which is 
the DBS system frequency band. The local oscillator (LO) 
frequency is 10.8 GHz. Therefore, the IF band is 0.9 to 1.4 
GHz. The RF and LO powers are injected into the first 
and the second gates, respectively, and the IF power is 
extracted from the drain. The impedance conditions at 
each port of the FET for optimum conversion gain are 
power matched for the corresponding frequency compo~ 
nent and short circuit for other frequency components [6], 
[7]. In practical monolithic technology, however, these con
ditions are difficult to fulfill simultaneously. Therefore, 
only three conditions, power matched at the RF and LO 
ports and short circuit for LO frequency at the IF port, 
have been considered in the design. The RF and LO ports 
matching is realized by one-section parallel and series 
microstrip lines. For the LO port, the lines are shortened 
with a parallel capacitor. A quarter wavelength microstrip 
spiral stub is employed at the drain to realize an LO short 
circuit. Gate length and width for the dual-gate FET are 
1 µm and 320 µm, respectively. 

The buffer amplifier is a one-stage resistor-capacitor 
coupled amplifier. Input resistance for the buffer, or load 
resistance for the mixer, is determined by a resistor shown 
as R I in Fig. 1. Drain bias voltage for the mixer FET is fed 
through the resistor. The single-gate FET for the buffer has 
1-µm gate length and 320-µm gate width. These values are 
the same as for the mixer dual-gate FET. 

0018-9480/85/0002-0105$01.00 ©1985 IEEE 
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Fig. 1. Equivalent circuit for mixer with buffer. 

A 

Fig. 2. Equivalent circuit for mixer-buffer interstage. 

B. Mixer-Buffer Interstage 

An IF band equivalent circuit for the mixer-buffer 
interstage is shown in Fig. 2, where I represents an equiv
alent current source for the mixer IF output signal, Gd is 
the drain conductance for the mixer FET, G1 is the con
ductance for the resistor R 1, and C is the gate capacitance g . 
for the buffer FET. 

Input voltage V for the buffer, voltage V across conduc
tance G1, is derived as 

(1) 

The design objective is to increase V without a large 
frequency dependence. For this purpose, Cg must be small, 
or a narrow-gate FET is preferable for the buffer. How
ever, gain and noise-figure values for the buffer improve 
when a wider gate FET is used. To compromise between 
these requirements, the gate width was chosen at 320 µ,m, 
where Cg is 0.5 pF. The load resistance was designed at 250 
Q (G, = 4 mS), taking Gd= 2 mS into consideration. 

Fig. 3 shows three kinds of interstage circuit. Circuit (a) 
is the proposed circuit. Circuit (b) uses a matching net
work, while retaining the 250-Q load resistance. Circuit (c) 
is a conventional circuit, where mixer output is matched to 
50 Q and input impedance for the IF amplifier is main
tained at 50 Q by the parallel resistor. Conversion gain and 
noise figure for these circuits are discussed. 

When matching is performed, voltage Vm across the load 
conductance G becomes 

(2) 

Therefore, power loss L due to imperfect matching is given 
by 

L=Wm/Vl 2 

= G[ (Gd+ Gi) 2+ ( wcg)2]/Gd[ (2G)2 + ( wCg)
2
]. (3) 

For circuit (b), G = 4 mS, L at the center IF of 1.15 GHz 
is 1.3 (1.1 dB). For circuit (c), G = 20 mS, L becomes 0.30 
( - 5.2 dB), which means that matching to 50 Q is worse 
than direct connecting to the buffer with higher input 

lo I lb! le I 

-t--rt~~ 
7gil l 25il l 5il 

----------
I a) I b) I c) 

GAi N ldB) 2.9 4.0 - 2.3 

NF !dB) I 2 3 I I. 9 I 3. I 

Fig. 3. Three kinds of interstage circuit and predicted performances. 

resistance. In Fig. 3, the 2.9-dB gain for circuit (a) is an 
experimental result. 

The noise figure for the mixer is independent from the 
IF port matching, because an output circuit does not affect 
the noise figure. Thus, the noise figure for the buffer 
amplifier will be considered. Noise figure F; for the input 
conductance GI is given by 

F,= (Gd+G,)Gd (4) 
which is a reciprocal of available gain. Noise figure 0 for 
the FET is given as follows, under the low-frequency 
approximation [8]: ' 

0=Fo+Rn(Gd+G,) (5) 

where F0 is the minimum noise figure and Rn is the noise 
resistance for the FET. Because G1 and FET are cascaded, 
the composite noise figure F can be derived by using the 
Friis formula [9] as follows: 

F= Fi X 0 = (Gd+ G,)[Fo + Rn( Gd+ G,)]/Gd. (6) 

Substituting measured values F0 =1.1 (0.4 dB) and Rn= 
60 Q into (6), F can be calculated. For circuit (a), Gd= 2 
mS and G1 = 4 mS, Fis calculated as 4.4 (6.4 dB). When 
the IF output port is matched to a conductance G, Gd 
becomes G in (6). Thus, for circuit (b), Gd= G1 = 4 mS, F 
becomes 3.2 (5.0 dB). For circuit (c), Gd= G1 = 20 mS, F 
becomes 7.0 (8.5 dB). Therefore, the noise figure for the IF 
amplifier is also degraded by matching the latter to 50 Q. 
In Fig. 3, the calculated total noise figures are tabulated 
using the measured mixer noise figure of 11.1 dB and the 
available gain of -0.9 dB. 

From these results, it is concluded that matching to 50 Q 
has no merit, as long as a resi'stor-capacitor coupled-type 
IF amplifier is employed, and that the input resistance for 
the amplifier should be chosen to be as large as possible 
within the limitation for maintaining gain flatness. When 
keeping the resistance high, mixer performances are some
what improved by IF port matching. The improvement, 
however, is a minor problem, as compared with chip size 
expansion, from a practical point of view, because, as a 
DBS receiver, a low-noise pre-amplifier is employed in 
front of the mixer. 

III. FABRICATION PROCESS 

The mixer and the buffer were fabricated on separate 
chips so that individual measurements could be achieved. 
Figs. 4 and 5 show chip photographs for the mixer and the 
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Fig. 4 Mixer chip photograph. 

Fig. 5. Buffer.chip photograph 

buffer, respectively. Chip size is 0.96 X L~6 mm for the 
mixer and 0.96 X 0.60 mm for the buffer. Both chips are 
150 µm thick. A Cr-doped semi-insulating HB-grown GaAs 
wafer is used as the substrate. The doped Cr concentration 
is 0.5 wt/ppm, which corresponds to 3 x 1(·1·' cm - 3

_ 

The dual-gate FET for the mixer, as well .!!; the single-gate 
FET for the buffer, have closely spaced elect~ode structures 
[4], [5]. The electrodes have an interdigi~al pattern with 
80-µm-long Al gate fingers. Gate length ar:·d width are 1 
µ,m and 320 µm, respectively. Ohmic elec~ndes are made 
of Au Ge-Ni. The FET is passivated by an Si82 film. Fig. E · 
shows the dual-gate FET electrode pattern 

The FET active layers were formed by se_e::ti.ve 30Si + ion 
implantation. Implanting conditions are 70-keV accelera
tion energy and 3.3 x 1012 cm- 2 dose. Then, annealing for 
activation was accomplished with an SiO2 cap at 800°C for 
20 min in an H 2 ambient. Fig. 7 shows st:tti.c characteris
tics for the dual-gate FET, supplying a bias voltage at the 
first gate and leaving the second gate O!Jen. · Threshold 
voltage~ is - 1.0 V and transconductance ,g.,, at satunted 
drain current ldss is 37 mS (116 mS per mm ~ate width). 

The resistive layers were also formed b~ ion implanta
tion. Implanting conditions are 130-keV er:e~gy and 3 8 X 

1012 cm - 2 dose, which provide 1-k!J sheet ~esistance for a 

Fi&. 5. Dual-gate FET electrode pattern. 

Fig. , . Dual-g;ite FET static characteristics. 

square resistor. The capacito:-s are of the MIM type, where 
the dielectric nw.teriali ~!; ~-00-nm-thick CVD-SiO2, whose 
rdative dieleo1ri:: coeffic:ent ", ,is 4.8. The microstrip lines 
were formed by Ti-Pt-Au lifting-off and thickened to 2.5 
µm by Au plating. 
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Fig. 8. Key process for closely spaced electrode FET. 
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Fig. 9. Frequency characteristics for mixer without buffer. 

Fig. 8 shows a key process for the closely spaced elec
trode FET. Al is deposited by evaporation on the ion
implanted GaAs wafer. To form gates, the Al is etched, 
using a photo-resist mask to give the ohmic contact pat
tern. Ohmic contact is made by evaporating AuGe-Ni. The 
evaporation is carried out with the same photo-resist mask 
used in the Al etching. By controlling the side etching of 
Al, gate and ohmic spacings can be shortened to 0.5 µm in 
a self-aligned manner. The evaporated AuGe-Ni is lifted-off 
and then alloyed. The Al is etched selectively again to 
remove unnecessary parts. 

IV.· .. MICROWAVE PERFORMANCE 

A. Mixer 

The IC chips were chosen for microwave evaluation on 
the basis of visual inspection and de testing. The selected 
chips were mounted on Au-plated copper carriers using an 
AuSn solder. The · carriers were then mounted on test 
fixtures and tested in a 50-!J system. 

Fig. 9 shows gain and noise figure versus frequency 
characteristics for the mixer chip alone. It provides a 
6.1 ± 1.5-dB conversion loss with an 11.1 ± 0.6-dB SSB 
noise figure in the 11.7 to 12.2-GHz RF band, which is the 
designed frequency band. Bias conditions are shown in the 
figure. The optimal noise figure was obtained when the 
first gate bias voltage was near pinchoff, and is the same as 
the reported result [1]. For the second gate, performances 
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Fig. 11. LO power characteristics for mixer with buffer. 

were scarcely varied in the vicinity of 0-V bias voltage. 
Therefore, measurements were carried out while grounding 
the second gate. 

LO power was set at 13 dBm, where the optimal perfor
mance was obtained. When 13-dBm LO power was sup
plied, leaked LO power was - 5.3 dBm at the RF port and 
-11.7 dBm at the IF port. 

Fig. 10 shows frequency characteristics when connecting 
the buffer chip. The mixer and buffer chips were mounted 
adjacently on the carrier and connected by Au bonding 
wire. It provides 2.9 ± 0.4-dB conversion gain with 12.3 ± 
0.3-dB SSB noise figure in the same frequency band. 

Fig. 11 shows gain, noise figure, and drain current versus 
LO power characteristics for the mixer with the buffer. 
Bias conditions were set at the same values as for the Fig. 
10 case. RF is 12.0 GHz. Optimal performance is obtained 
when the LO power is 13 to 15 dBm. 

Fig. 12 shows RF input power and drain current versus 
IF output power characteristics. The IF output power at 
1-dB gain compression is - 1.2 dBm. This value is de
termined by the mixer chip, and is about 5 dB lower than 
that for the same gate ~idth FET amplifier case. One 
reason for the lower saturation power could be due to the 
near pinchoff biasing for the first gate. 

Fig. 13 shows input impedance for the mixer RF port. 
The reference plane is chosen at the cleaved edge of the 
mixer chip. In the 11.7-12.2-GHz band, less than 1.5 
VSWR is obtained. For the LO port, however, input VSWR 
is about 6 at the LO frequency of 10.8 GHz. Therefore, a 
half of the LO power is reflected at the LO input port. 
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Fig. 13. Mixer RF port input impedance. 

B. Low-Noise Converter 

A low-noise converter was constructed by using the 
mixer to examine the performances. A block-diagram for 
the converter is shown in Fig. 14. All components, except 
the image-rejection filter, are realized by GaAs monolithic 
IC's. The IC fabrication processes are identical to the 
process used for the mixer. The preamplifier is constructed 
by cascade connection of one- and two-stage amplifiers. 
The one-stage amplifier has more than 9.5-dB gain with 
less than 2.5-dB noise figure. The two-stage amplifier has 
more than 16-dB gain with less than 2.8-dB noise figure in 
the 11.7-12.7-GHz band [4]. As the image-rejection filter, a 
commercially available bandpass filter was used. The filter 
provides more than 69~dB image rejection. The IF ampli
fier is a resistor-capacitor coupled-type two-stage amplifier 
and it has 16-dB gain with 3-dB noise figure in the 9 
MHz-3.9-GHz band [5]. 

Fig. 14 shows gain and SSB noise-figure versus frequency 
characteristics for the converter. It provides 46.8 ± 1.5-dB 
conversion gain with 2.8 ± 0.2-dB SSB noise figure in the 
11.7-12.2-GHz desired frequency band. Bias conditions 
for the mixer are shown in the figure. 

Fig. 15 shows RF input power versus IF output power 
characteristics. The IF output power at 1-dB gain compres-
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sion is 4.7 dBm, and about 8 dBm at saturation. These 
values are determined by the IF amplifier. Therefore, the 
values can be improved by increasing saturation power for 
the IF amplifier. 

V. CONCLUSION 

The design considerations, fabrication process, and mi
crowave performances for newly developed 12-GHz-band 
GaAs dual-gate MESFET monolithic mixers for use in 
DBS receivers have been described. Small chip size was 
achieved by connecting a buffer amplifier with high input 
impedance directly after the mixer IF port and removing 
the IF matching circuit. For the interstage circuit between 
the mixer and the IF amplifier, effects on mixer perfor
mances were investigated. The results indicate that match
ing to 50 n does not improve performances, as long as a 
resistor~capacitor coupled-type IF amplifier is employed. 

The mixer was fabricated by means of a well-established 
IC process, using an ion-implanted closely spaced elec
trodes FET. The mixer provides 2.9 ± 0.4-dB conversion
gain with 12.3 ± 0.3-dB SSB noise figure .. A low-noise con
verter was constructed by connecting a monolithic pre
amplifier, an image-rejection filter, and a monolithic IF 
amplifier to the mixer. The converter provides 46.8 ± 1.5-dB 
conversion gain with 2.8 ± 0.2-dB SSB noise figure. These 
performances are well within the acceptable range for DBS 
receivers. This work has made a cost-effective one-chip 
front-end for DBS systems more realistic. 



110 IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. MTT-33, NO. 2, FEBRUARY 1985 

ACKNOWLEDGMENT 

The authors would like to thank T. Ozawa for ion 
implanting and H. Itoh for helpful discussions concerning 
the fabrication process. They would also like to thank Y. 
Takayama and H. Muta for their constant encouragement 
throughout this work. 

REFERENCES 

[1) C. Kermarrec, P. Harrop, C. Tsironis, and J. Faguet, "Monolithic 
circuits for 12 GHz direct broadcasting satellite reception," in Micro
wave and Millimeter-Wave Monolithic Circuits Symp. Dig., June 1982, 
pp. 5-10. 

[2) LC. Liu, D, W. Maki, M. Feng, and M. Siracusa, "Single and dual 
stage monolithic low noise amplifiers," in GaAs IC Symp. Tech. Dig., 
Nov. 1982, pp. 94-97. 

[3) S. Hori, K. Kamei, K. Shibata, M. Tatematsu, K. Mishima, and S. 
Okano, "GaAs monolithic MIC's for direct broadcast satellite re
ceivers," IEEE Trans. Microwave Theory Tech., vol. MTT-31, pp. 
1089-1096, Dec. 1983. 

[4] T. Sugiura, H. Itoh, T. Tsuji, and K. Honjo "12-GHz-band low-noise 
GaAs monolithic amplifiers," IEEE Trans. Microwave Theory Tech., 
vol. MTT-31, pp. 1083-1088, Dec. 1983. 

[5) K. Honjo, T. Sugiura, T. Tsuji, and T. Ozawa, "Low-noise, low
power-dissipation GaAs monolithic broad-band amplifiers," IEEE 
Trans. Microwave Theory Tech., vol. MTT-31, pp. 412-417, May 
1983. 

[6] P. Harrop and T. A. C. M. Claasen, "Modelling of an FET mixer," 
Electron. Lett., vol. 14, no. 12, pp. 369-370, June 1978. 

[7] C. Tsironis, "12 GHz receiver with self-oscillating dual-gate MESFET 
mixer," Electron. Lett., vol. 17, no. 17, pp. 617-618, Aug. 1981. 

[8] K. Honjo, T. Sugiura, and H. Itoh, "Ultra-broad-band GaAs mono
lithic amplifier," IEEE Trans. Microwave Theory Tech., vol. MTT-30, 
pp. 1027-1033, July 1982. 

[9] K. Hartmann, "Noise characterization of linear circuits," IEEE 
Trans. Circuits Syst., vol. CAS-23, pp. 581-590, Oct. 1976. 

+ 

Tadahiko Sugiura was born in Tokyo, Japan, on 
August, 1, 1942. He received the B.S. and M.S. 
degrees in engineering from Keio University, 
Tokyo, in 1965 and 1967, respectively. 

In 1967, he joined the Central Research 
Laboratories, NEC Corporation, Kawasaki, 
Japan, where he was engaged in the research and 
development of microwave communication sys
tems and components. From 1975, he was in 
charge of the research and development of micro
wave hybrid and monolithic IC's at the Micro-

electronics Research Laboratories. In June 1984, he was transferred to the 
Space and Laser Communications Development Division, where he has 
been responsible for the development and design of microwave devices for 
satellite transponders. 

Mr. Sugiura is a member of the Institute of Electronics and Communi
cation Engineers of Japan. 

+ 

Kazuhiko Honjo (M'82) was born in Saitama, 
Japan, on October 28, 1951. He received the B.E. 
degree from the University of Electro-Communi
cations, Tokyo, Japan, in 1974. He received the 
M.E. and the D.E. degrees in electronics en
gineering, from the Tokyo Institute of Technol
ogy, Tokyo, Japan, in 1976 and 1983, respec
tively. 

He joined the Central Research Laboratories, 
NEC Corporation, Kawasaki, Japan, in 19.76. He 
has been involved in the research and develop

ment of microwave oscillators and amplifiers, and is presently concerned 
with GaAs monolithic !C's. He is now Supervisor of the Ultra-High-Speed 
Device Research Laboratories, NEC. 

Dr. Honjo is a Co-Recipient of the 1983 Microwave Prize granted by 
the MTT Society. He also received the Young Engineer A ward from the 
Institute of Electronics and Communication Engineers of Japan, in 1980. 

+ 

Tsutomu Tsuji was born in Hokkaido, Japan, oh 
July 14, 1946. He received the B.S. degree in 
electrical engineering from the Muroran Institute 
of Technology, Hokkaido, Japan, and the M.S. 
degree in electronic engineering from Hokkaido 
University, Hokkaido, Japan, in 1969 and 1971, 
respectively. 

He joined the Central Research Laboratories, 
NEC Corporation, Kawasaki, Japan, in 1971. He 
worked on application of ion implantation on 
silicon Vidicon and Si IMPATT diodes. He is 

now Supervisor of the Second LSI Division, and is working on fabrication 
technology for GaAs IC's. 



IEEE TRANSACTIONS ON MJCROWAVE THEORY AND TECHNIQUES, VOL. MTT-33, NO. 2, FEBRUARY 1985 111 

Variational Analysis of Ridged Waveguide 
Modes 

YOZO UTSUMI, MEMBER, IEEE 

Abstract - Brief expressions of eigenvalue problems, normal modes and 
electric-field profiles for all odd TE and TM modes of ridged wave~ides, 
and the guide wavelength and characteristic impedance for the TE 
d 

. 10 
ommant mode, are presented in this paper. . 

In this analysis, the computation time can be reduced by getting simple 
approximated variational expressions for eigenvalue equations by using a 
trial function which satisfies the right-angled edge condition of a ridge. 

These theoretical results are in good agreement with the experimental 
results and the several references employed. 

l. INTRODUCTION 

APPLICATIONS of ridged waveguides have been of 
wide-ranging use in microwave devices and circuits 

and research on them has been continued steadily. In 1947: 
Cohn [1] obtained ridged waveguide eigenvalues of TE 
modes by using the transverse resonance method in a cro:; 
section of a ridged waveguide. Hopfer [2] and Pyle [3] 
published further improved approximated analyses for ei
genvalue problems of TEmo modes. In 1962, Getsinger [4] 
first published approximated field equations of the TE 

d G 
. . 10 

mo e. etsmger assumed the TEM mode under the gap 
and made the matching condition only in electric fields. In 
1971, Montgomery [5] published the complete solutions of 
ridged waveguide eigenvalue problems for all TE and TM 
modes. In this method, an eigenvalue equation was given in 
a matrix form, and an integral eigenvalue equation was 
subsequently solved numerically by application of the 

· Ritz-Galerkin method. In a recent paper, an approximated 
closed-form expression for the eigenvalue problem of the 
TE10 mode was published for concentrating on the reduc
tion of computation time [6]. And also for the eigenvalue 
problem of the finline, Schmidt and Itoh published the 
spectrum-domain analysis [7], where the field at the top of 
the fin was assumed as the near field of the 0° angle 
conductor edge. 

On the other hand, a planar circuit mounted in a wave
guide (PCMW) was proposed by Konishi [8] as an effective 
application of a ridged waveguide, and a 12-GHz band 
low-noise down converter with a PCMW was developed 
[9], [10] for satellite broadcasting by the NHK Technical 
Research Laboratories. In the theoretical design of this 
down converter, it becomes important to determine the 
equivalent circuits of several discontinuities in a ridged 
waveguide. Therefore, a theoretical analysis with short 
computation time for eigenvalue problems and normal 

Manuscript received March 29, 1984; revised July 13, 1984. 
The author is with Technical Research Laboratories of NHK 1-10-11 

Kinuta, Setagaya, Post No. 157, Tokyo, Japan. ' 

mode expressions including all TE and TM modes ·of a . 
ridged waveguide becomes important. It is impossible to 
meet this requirement by using theoretical methods found 
in [1]-[4] and [6]. Although Montgomery's method [5] is 
powerful and can meet this requirement in the main, it 
cannot be regarded as an economical method in view of 
computation time. 
. In this present paper, the near field of the edge of a ridge 
1s expressed by a known distribution function as described 
in [7] in the case of a finline. In the case of a ridged 
waveguide, as the thickness of the ridge is finite, the ridge 
edge has a right angle different from the 0° angle of the 
finline's infinitely thin edge. And it becomes complicated 
to use the spectrum-domain analysis of [7], because two 
differ~nt spectrum domains exist on both sides of the edge. 
In this paper, in selecting a trial function which satisfies 
the edge condition of a ridge, the variational method [11] is 
used_ in real ~pace (x, y plane). By using the simple ap
proximated eigenvalue equation, this analysis has met the 
requirement, described above, of short computation time. 
This paper also gives the normal mode expression and the 
electric-field profile of each mode, the guide wavelength, 
and the characteristic impedance for the dominant mode. 
Finally, by comparing these theoretical results with experi
mental ones and others [2], [4], [5], the correctness of this 
analysis is confirmed. 

IL WAVE EQUATIONS AND BOUNDARY CONDITIONS. 

The cross-sectional shape of the ridged waveguide with 
the coordinates is illustrated in Fig. 1, where 2t means the 
thickness of the ridge, s the gap in the ridge, 2a x b 
waveguide dimensions, I the region of O,:;; x,:;; t, and II the 
region of t ,:;; x ,:;; a. All ridged waveguide modes can be 
classified into TE or TM modes, and these fields are 
derivable from two- kinds of scalar potentials •'· . and 
.,, ( ~ 'Ypi' 
<rp; x, Y, z) = c/>p;(x, y)·gp;(z). c/>p; is a function of only the 
transverse coordinate. This potential function cf, . satisfies a 

• pl 
wave equation 

where 

{ 
h: cf>h; indicates magnetic scalar potential 

p = e: cf>e; indicates electric scalar potential 

i = { 1 : c/>p1 ~nd~cates scalar potential for region I 

2: c/>p 2 md1cates scalar potential for region II 

k}=k5-/3 2
• 

(1) 

0018-9480/85/0002-0i11$01.00 ©1985 IEEE 
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Fig. 1. Cross-sectional shape of a ridged waveguide with coordinates. 

In (1), 'v/=a2;ax2+a2;ay2, kr is a ridged wave
guide eigenvalue, /3 is a propagation constant in the z 
direction, and k 0 the propagation constant in free space. 

Two scalar potential functions are related to the electric 
and magnetic fields of TE and TM modes by [12]: 

for TE modes 

Er;= iz X 'vr</>h;(x, y) 

Hu= - /3/( WJ!,o) ·'vr</>h;( X, Y) 

Hz;= jiz{/3 2 - k5)/( wµo)·</>h;(x, Y) (2a) 

for TM modes 

Er;=-: /3/( weo)·'vr</>e;(x, Y) 

Ezi = jiz(/3 2 - k5)/( weo)·</>e;(x, Y) 

(2b) 

where gp;(z) is omitted, and iz is a unit vector of the z 
direction, j = H, e0 and µ 0 are the permittivity and 
permeability of free space, respectively, w is the angular 
frequency, the suffix t means the transverse direction 
(x, y), and 'v1 =ixCa/ax)+iy(a/ay)-

Considering the odd TE and TM modes whose symme
try plane has been assumed as the y coordinate axis 
( x =, 0) in this analysis, the x = 0 plane can be regarded as 
a magnetic wall. In the case of the even modes, a similar 
analysis can be accomplished, regarding the x = 0 plane a_s 
an electric wall. Therefore, in the following discussion, the 
x = 0 plane is regarded as a magnetic wall and only a half 
of the ridged waveguide (0 ~ x ~ a) is considered.' 

In Fig. 1, it is necessary to satisfy the boundary condi
tions on the conductor surface and the magnetic wall for 
both TE and TM modes: 

for TE modes 

a</>h; = 0 
an ' 
</>hi= 0, 

for TM modes 

</>e; = 0, 

a</>ei =0 
an ' 

on conductor surface 

on magnetic wall 

on conductor surface 

on magnetic wall 

(3a) 

(3b) 

where n = inn, the normal vector on each surface or wall as 
shown in Fig. 2. 

(1.b) 
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Fig. 2. Contour pass C; for integral representations in (6). 

Ill. VARIATIONAL PRINCIPLE FOR EIGENVALUE 

PROBLEMS 

A. Stationary Formula 

We have the following variational expressions for TE 
modes: 

~ 2 ~ a~i 
£.., ( </>h; · 'vr </>h;)s; + £.., ( </>h; · [i;:;- )c; 

2 i=l i=l kT = - ______ 2 _______ _ (4a) 

L <<1>i;>s; 
i=l 

where the constraint conditions for the trial eigenfunction 
</>h; are given by 

a</>h; = 0 
an ' 

a<1>h1 = a<1>h2 = t.( ) an an s y' 
HY)= 0, 

'll(y)=0, 

(4b) 

(4c) 

where the trial distribution function ~(y) and 'll(Y) are 
proportional to the y and z components of the electric 
fields on /3 and /5 , respectively. 

For TM modes 

2 2 a<1> 
L < <l>ei · 'v/<l>ei >s; - L < <l>ei · a:i >c; 

2 i=l i=l kr = - ______ 2 _______ _ 
(5a) 

L (<l>;;)s; 
i=l 

where the constraint conditions for the trial eigenfunction 
<l>e; are given by 

</>e;= 0, 

</>el= </>e2 = 'll(Y ), 

'll(y)=0, 

on /3 

on /5 . 

(5c) 

The relation between 'll(Y) and ~(y) is described later for 
the TM modes. The integral ( A )s for the cross-sectional 
area S; and the contour integral (A.)c; for the contour pass 
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C; are defined as 

(A)s = JsJ1

A·dx·dy 
1 

0 0 

(A)s2 = fob /aA·dx·dy 

(A)c1 = {Alx=o·dy+ [Aly=,dx 
0 0 

+ joAlx=r. dy + j°Aly=o· dx 
s I 

= f A· di + f A· di+ f A· di+ f A· di 
~ G ~ ~ 

(A)c2 = [Alx=1·dy + t Alx=1·dy 
0 s 

In Appendix I, we have proved that if c/>h; and c/>e; 
minimize (4a) and (Sa) with the constraint conditions (4b) 

The left-hand side of (9) is also stationary for c/>e;· 

IV. STATIONARY FORMULA FOR RIDGED 

WAVEGUIDE 

113 

Applying the TE constraint conditions on /2 and /4 that 
acph1/ an= 0 and the TE boundary condition on /1 that 
cph1 = 0, we find the trial eigenfunction in region I (0 ~ x ~ 
t) to be 

where 

00 

cphl = L ahm' sinhy1mX· cosk1mY 
m=O 

m1r 
k1m=-, s 

m :integer 

(10) 

Applying the TE constraint conditions on 16 that acph 2 / an 
= 0, we also find the trial eigenfunction in region II 
( t ~ x ~ a) that 

00 

cf,h 2= L bhn·coshy2Ja-x)·cosk 2 nY 
n=O 

(11) 

and (4c), or (Sb) and (Sc), respectively, then they are the where 
correct solutions of (1) with proper boundary conditions. n: integer 

B. Trial Eigenfunction Including Eigenvalues 

Equation (4a) can be transformed into 

2 2 

L (c/>h;·'v/c/>h;)s; + k;, L (cpt)s; 
i=l i=l 

F = left-hand side of (7a). (7b) 

It can be proven easily that F given by (7b) is also 
stationary for c/>h; from the stationary formula of (4a). 

Next, we consider the cases of using the trial eigenfunc
tion which includes the eigenvalue kr in order to obtain 
the simplified stationary formula for the eigenvalue prob
lem. When the trial eigenfunction is a function of the 
eigenvalue kr, the closed-form expression of kr cannot be 
obtained from (7a). In such a case, kr is still stationary. 
We will prove it as follows. 

. When the trial eigenfunction is a function of the eigen
value kr and a parameter p 2 described as c/>h;(kr, p 2 ), 

taking the first variations of k} and p 2 in (7a), and using 
the stationary character of (7b ), the following relation is 
derived in Appendix II as 

8k} = 0 (8) 

where a parameter p 2 is described in Appendix II. 
\ 

Since the first variation of k} vanishes, the value of k} 
derived from (7a) is stationary. A similar expression for 
TM modes can be derived from (Sa) as 

2 2 2 acp 
L (c/>e;·'v/c/>e;)s;+k}· L (c/>;;)s;- L (c/>e;' a;i>c;=O. 
i=l i=l i=l 

(9) 

Similarly for TM modes, the trial eigenfunction c/>e; can be 
selected as 

00 

c/>e1 = L aem' coshy1mX· sink1mY 
m=l 

00 

cf>e 2 = L ben·sinhy2Ja~x)·sink 2nY· 
n =I 

(12) 

(13) 

And then we must consider the remaining constraints: the 
constraint given by ( 4b) on only 15 and the constraint given 
by (4c) on /3 for TE modes. Therefore, the unknown 
coefficients ahm and bhn should be decided to satisfy these 
constraint conditions. The unknown coefficients aem and 
ben should be decided to satisfy the remaining constraints 
for TM modes: the constraint given by (Sb) on only 15 and 
the constraint given by (Sc) on /3• · 

Substituting (10) and (11), or (12) and (13) into (4c) or 
(Sc), and multiplying both members by cos k1mY or cos k 2nY 
for TE modes, by sin k1mY or sin k 2 nY for TM modes, and 
then integrating from y = 0 to s orb, the unknown coeffi
cients are obtained by the orthogonal condition 

£m (~· cosk1mY)13 
ahm= -, 

s . Yim·coshy1mt 

£n (~· cosk2nY)13 
bhn = - - '---.---

b Y2n · sinh Y2nh 

1 (11· sink1mY)13 a =-·-----..C. 
em s cosh Yimt 

1 (11· sink 2nY) 13 

ben = b. sinhyznh (14) 
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where 

h =a-t 

t: 0 =1, t:m(m;?;l)=t:n(n;?;l)=2. 

Next, we should select the appropriate trial distribution 
function Hy) which is proportional to they component of 
the electric field on /3• In the case of a ridged waveguide, 
as the edge of the ridge has a right angle, the y component 
of an electric field near the edge is approximately propor
tional to ay-<113> [13], where dy means the distance 
between an edge and an observational point. Therefore, by 
using an arbitrary constant Cq, HY) is given by 

-{ f Cq· coskqy·(s 2 
- y

2r<113
>, 

~(y)- q=O 

0, 

where 

k = q,,, 
q s q: integer. 

IYl~s 

. IYl>s 
(15) 

For TM modes, the trial distribution function 11(y) and 
HY) which are proportional to the z and y components of 
the electric field on /3 can exhibit the relations 1J ex cf>e; and 
~ ex acf>e;/ a y by using (2b ). And the following. relation can 
be obtained: 

(16) 

By using the partial integral 

(1J·Sink1mY) 13 = k:m {{!; ·cosk1my·dy-11(s)+11(0)}. 

(17) 

By substituting (16) and the relation 11(s) = 11(0) = 0, the 
following relations can be obtained: 

(11·sink1mY),l= k~m -(~·cosk1mY),3 (18a) 

. K 
(11·smk 2nY) 13 = k

2
n ·(rcosk2ny) 13 (18b) 

where K is an arbitrary constant. 
When using (10), (11), and (14), and the constraint 

conditions given by (4b) and (4c), (7a) becomes 

(19) 

Similarly for TM modes, the following relation is obtained: 

acpel acpe2 ( ) ( ax ·11\-(~·11),l=0. 20 

The Fourier transforms of the trial distribution function 
~(y) in regions I and II are defined as ~m and t, respec
tively, where·~m and tare given in Appendix III. 

Substituting (10)-(14), (18), and (Al6) into (19) and 
(20), stationary eigenvalue formulas can be obtained 

for TE modes 

! ~ f • tanhylmt. t2 + ! ~ f • cothY2nh . t2 = 0 
£.., m Sm b £.., n Sn 

S m·=o 'Yim n=O 'Y2n 

(21a) 

Ph= left-hand side of (21a) 

(21b) 

for TM modes 

Sf 'Y1m·t~Y1mt -~!+b 1: 'Y2n·CO~hY2nh{~=O 
m=l m n=l n 

(22a) 

Pe= left-hand side of (22a) 

(22b) 

where Ph and Pe are stationary for g, because they are 
derived from the left-hand side of (7a) and (9), which are 
stationary for cf>h; and cf>e;, respectively. 

Considering only the comparative lower order modes in 
the y coordinate, we retain the first three terms (i.e., q ~ 2) 
in (Al6) for ~m and t. Since Ph given by (21b) is sta
tionary for t for the TE modes, letting C0 = 1, C1 and C2 
are obtained from (23a) by using the Rayleigh-Ritz proce
dure [14]. Similarly, for the TM modes, letting C1 = 1, C0 
and C2 are obtained from (23b) 

for TE modes 

a Ph/ ac1 = o, a Ph/ ac2 = o (23a) 

for TM modes 

(23b) 

V. NUMERICAL RESULTS OF EIGENVALUE PROBLEMS 

Montgomery defined two kinds of eigenmodes for the 
double-ridged waveguide [5], i.e., Hybrid modes and Trough 
modes. The Hybrid mode is considered to be a basic ridged 
waveguide mode and the Trough mode is a rectangular 
waveguide-type mode which exists in the trough region, 
region II. These definitions are also used in this present 
paper. TE and TM modes are further classified into TE 
Hybrid, TE Trough, TM Hybrid, and TM Trough modes. 

The eigenvalues of the transverse propagation constant 
kr( = /k~ - /3 2) can be obtained from (21), (22), and (23) 
by numerical calculation using the bisection method. In the 
actual computations of (21) and (22), the summations over 
m and n are terminated when m = 20 and n = 30 with 
enough accuracy where examining the convergence of the· 
variation of the eigenvalue as a function of m and n. For 
example, by comparing the eigenvalues of this proposed 
analysis with those of [5] for the double-ridged waveguide 
shown in Table II, both eigenvalues exhibit a good agree
ment within an error margin less than 0.6 percent for 
m = 20 and n = 30, and less than 0.4 percent for m = 50 
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TABLE I 
ODD-MODE EIGENVALUE Kr OF SINGLE-RIDGED WAVEGUIDE 

AND CORRESPONDENT EIGENMODE OF RECTANGULAR WAVEGUIDE 

(USING WRJ-120 WAVEGUIDE) 

reclangular waveguide (2a x bl ridged waveguide (2a x b, 2I,s) 
a=b=9.5(mm) 

mode 
a=b=9.5, 1=0.15, s=1.7(mm) 

rectangular 
eigenvalue tran- eigenvalue waveguide 

mode name sition mode name (bxh) 
kr (rad./mm) kr(rad./mm) eigenvalue 

kr(rad./mm) 

0. 16 5 3 TE,o - TE 10 Hybrid 0. 0930 

------0 3597· TE11 - TE10 Trough 0. 3332 0. 3307 

0. 3697 TM11 >< 
TE30 Hybrid 0. 3881 

------0 4960 TE,o TM 11 Trough 0. 4665 0. 4 714 

0. 5962 TE31 - TE31 Hybrid 0. 5265 

-------0 6817 TE12 - TE20 Trough 0. 6654 0. 6614 

0. 681 7 TM12 >< 
TEso ·Hybrid 0. 6913 

------0. 8267 TEso TM 12 Trough 0. 7358 0. 7490 

0. 8267 TE32 - TE21 Trough 0. 7456 0 7418 

0. 8267 TM32 >< TEs 1 Hybrid 0. 8298 ------0. 8904 TEs1 TM22 Trough 0. 9427 0. 9429 

and n = 200. The first eleven eigenvalues are obtained for 
the single-ridged waveguide using a WRJ-120 waveguide 
(2a = 19.0 mm, b = 9.5 mm) and 2t = OJ mm, s = 1.7. mm, 
which is the typical example of a PCMW in. the 12-GHz
band low-no1se down converter [9], [10~ for satellite broad
casting. These results are shown in Table I. In_ this table, it 
is evident that eigenvalues of Trough modes are almost 
equal to those of a rectangular waveguide whose dimen
sions are bx h. All eigenvalues of a ridged waveguide 
orig1.nate from those of a rectangular waveguide with di
mensions 2a x b as shown in Table I. When the value of s 
increases to 9.5 mm, that is, the limit at which the ridge 
vanishes; eigenvalues of a ridged waveguide are astringent 
to those of a rectangular waveguide. These correspon-
dences are shown in Fig. 3. . 

For the first four modes shown in Table I, the relation . 
between the normalized eigenvalue, kra and s/b in the 
case of a = b with several values of the parameter 't / a is 
shown in Fig. 3. In the Hybrid mode, the energy is con
centrated in the gap of the ridge. Therefore, by making the 
value of s/b larger, the value of kra becomes larger 
because of the smoothing in the curvature of the magnetic 
flux near the gap. In the Trough mode for a small gap, the 
main part of its energy does not exist under the gap. By 
varying the values of s / b and t / a, the value of kra is 
constant with respect to s/b when s/b ~ 0.4, and this 
confirms that kra is related to the b X h dimensions of the 
rectangular waveguide only. . 

As the value of s / b increases to one, the limit value of 
kra is astringent to the eigenvalue of the rectangular 
waveguide whose. dimensions are 2a X b, as described 
above. These transitions are expiained later irt Fig. 4. 

For the TE10 Hybrid mode; by usi_ng Getsinger's ap
proximated field distributions [4], the eigenvalues can be 
calculated by the variational method. These results plotted 
by dots in Fig. 3 are in good agreement with the theoretical 
values described in this paper. 

'O 
_g_ 

1 
'" => 

~ 
·a, 
OJ 
'ii, 

'O 
Q) 

.<:! 
<ii 
E 
0 
z 

6 

5 

4 

3 

2 

1/a=0.4 

t/a=0.4 

I/a=0.2 

=0.1 
'=0.05 

=0.0158 

t/a=0.2 

=0.1 
=0.05 
=0.0158 

t/a=0.2 
=0.1 
=0.05 
=0.4 
=0.0158 

t/a=0.0158 
=0.05 
=0.1 
=0.2 
=0.4 

f.--2a~ T 

1 

TE,oHybrid 

TM11Trough 
TE10Trough 

TE10Hybrid 

• : Theoretical values obtained with 
variational method by using 
Getsinger's field distributions [41 
for TE10 Hybrid mode (t/a"'0.0158) 

o~---~~~~~~~-~~~~--~ 

0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1,0 

S/b 

li5 

Fig. 3. Relation between normalized eigenvalue kra versus s/b and 
t/a (with a= b). 

TABLE II 

ODD-MODE EIGENVALUE Kr OF DOUBLE-RIDGED WAVEGUIDE-. 

COMPARISON BETWEEN THIS PROPOSED ANALYSIS AND THE ONE 

FOUND IN [5). 

. mode name 
kr(rad./mm) 
this present 

analysis 

TE10 Hybrid 0. 1438 

TEio Trough 0 3155 

TE20 Trough 0. 6215 

TE30 Hybrid 0. 6707 

TE 11 Trough 0. 6971 

2t = 2.54mm 
2S=2.794mm 

(

dimensions ) 
taken from 
reference [5] . 

kr(rad./mm) 
reference [5] 

0. 1437 

0. 3166 

0. 6190 

0. 6712 

0. 6973 

The eigenvalues of the double~ridged waveguide whose 
dimensions ate taken from [5] are obtained by using this 
proposed analysis. The results are compared in Table II. 
Both eigenvallles exhibit a good agreement wJ.thin an error 
margiri of 0.07~0.4 perceht, and this agreement ensures the 
propriety of this proposed analysis. 
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VI. NORMAL MODE FORMULATION OF TRANSVERSE 

FIELDS 

The normal modes of the TE and TM transverse fields 
are expressed by 

for TE modes 

where e 11 and h ti' express the transverse electric field of the 
/th mode and the transverse magnetic field of the /'th 
mode, respectively, S, means a cross-sectional area of a 
ridged waveguide, and A* means a complex conjugate 
of A. 

From (25), the transv~rse electric-field profiles of the 
first four eigenmodes are obtained as shown in Fig. 4. The 
arrow indicates the direction of the field vector and its 

for TM modes 

eht = ixehx + iyehy 

hht = ixhhx + iyhhy (24a) length is proportional to the logarithm of the field strength 
at every point. In Fig. 4(d), the arrows in .the second 
column from the left do not seem to be smooth. This is 

eel= ixeex + iyeey 

he/= ixhex + iyhey (24b) 

where the transmitting power is normalized as a unit value, 
and ix and iy are the unit vectors in the x or y coordi
nates, respectively. From (2), (10)-(14), (18), and (A16), 
every component of the normal modes given in (24) can be 
obtained as 

for TE modes 

- h - A 1 Loo k1m· SinhY1mX ~ . eh - - - ---~=-.t. ·smk y xI hyI Is y . coshy t Sm Im · m =l Im Im 

(25a) 

(25b) 

where the suffixes 1 and 2 mean regions I and II, respec
tively, and A 1 means the normalizing coefficient of the /th 
mode. 

caused from the numerical error. Fig. 4 also illustrates how 
mode transition occurs from a waveguide eigenmode to a 
ridged waveguide eigenmode corresponding to the value of 
s/b. 

VII. GUIDE WAVELENGTH AND CHARACTERISTIC 

IMPEDANCE OF DOMINANT MODE 

A. Guide Wavelength 

The guide waveglength ;\ g can generally be obtained 
from the eigenvalue kT as 

;\ = Ao 
g /i-(;\o/>-.J2 

(27) 

;\c = 2TT/kT cutoff wavelength 
;\ 0 free-space wavelength .. 

For the TE10 Hybrid mode, the frequency dependent ;\ g is 
calculated from the value of kT in Table I and (27), and 
the result is shown in Fig. 5, by using the WRJ-120 
waveguide and 2t = 0.3 mm, s = 1.7 mm. In Fig. 5, the 
experimental values of ;\ g obtained from the resonant 
frequency of the slot resonator are shown together. These 
experimental values have been corrected by the short-end 
effect correction length M of the short-ended ridged wave
guide [15]. The theoretical values are in good agreement 
with these experimental ones. From Fig. 5, it is evident that 
the value of ;\ g has a frequency dispersion. 

B. Characteristic Impedance 

The characteristic impedance Zc of the TE10 Hybrid 
mode can be expressed by using the definition of [7] 

Zc= V//(2P) 

~= [E/0,y)·dy 
0 

P = (1/2)· Re lb la( EyH/- ExH/ )·dx·qy (28) 
0 0 

In addition, the normal modes given by (25) are satisfied 
with the orthogonal condition given by (26), which is 
confirmed by numerical calculation 

where VY means the gap voltage across the ridged wave
( 26) guide at x = 0, P the average transinitting power, and Re 

means the real part. Substituting (2), (10)-(14), (18), and 
f j eJ X h 11,·i,ds = { ~' 

s, ' 
I=/' 
I* l' 



UTSUMI: VARIATIONAL ANALYSIS OF RIDGED WAVEGUIDE MODES 

S/b"'0.95 l 

'' '' '' '' '' '' 
'' '' 
'' '' '' '' 
'. '. 

••I 1111111 \II• t 

~ " • \, \ I \ I I I I I I I I , • 
- -.. -., '- \ \ ', ; ', \ \ \ I I I • • 

__ ,,,,. 
_..._,,' 
....... , '\ \ 
\\\\\ 
\\\\\ 
\\\\\ 
11111 
I\\\\ 
11111 
11111 
11111 
l l l 11 
11111 

I 

' 

S/b=0.53 l 

.. ,,,_ ....... 
\ II•• 
I I\•• 
I I\• 
I I I• 
11,, 
111 • 

---..,-.., ... ".' ..... . 
---..-.,, '•. \ \'' ..... . -----..-..,,,, ... \ \'"'' .. _ ,,,' '., '., \ \ \ \.".' .. 
-..,,, '.,\\\\\\I" I••• 

, '.\, \\\\\\\II\,\ I••• 
• \ \ \ \ \ \ \ \ \ \ \ I I I • • 

: 1\\\ \I\ 1111 l I I I• 
1 I\\ 111 I 11 l l 11 • 

S/b===0.18Transverse electric field 

J~~~~~~~~ ITT,,,,\,,, 
•I\\\\\\\\\ 
:11\\\\\\\\ 
:11\\\\\\\\ 
•I I\\\\\\\\ 
:111 \\\\\\\ 
:1111\\\\\\ 
,1111111111 
:111111\\\\ 
!1111111111 
•I 111111111 
:1111111111 
:111111111 I 
•I 111111111 

:: : : : : l l l l l (S/b=0.18) 
Electric field near edge, 

(a) 

ITE11 Waveguide Model 

,I. 

,,,,, _________ _ 
,,-----------~ 

/////// _________ _ 
lll/ll/1-~--------IIII/II///// _____ _ 
j lll/1//1/II/ ____ _ 

IJlllltll/j;~,---
j j I I I JI I I I 1, ,,,,,,,,.,..,._ 

j j j I I ·1 t I I , 1 

S/b=0.95 l 
• 1 ;// I I// //////;1, 
-.- ,,, ,,, _,II/ I I I I,','//,.-.-
---1111111111111--
----✓✓l/llll/ll/--

------✓✓llll/11---

---------------------------------------------✓-----. --------------------:.,---------..---------
: ,----------------,,-----------------::;;~~~~~~~;~~~~::: 
: llllllllll//11111-
: Ill/II////// ✓✓✓ ,,...-
' I I I I I I I I I I I I I/ ✓ .,..,.._ 

:11/lllilll//111,, ... 
'I 111 I 11, 

S/b=0.53 l 
,,1 I //I 
-,11/IIIIIIIII/I/,,, 
-, ✓ /llllllll/1///Y 
-,/ ✓ ///ll//l// ✓ /,-

--/✓-/IIIIIIII//✓,-
--✓///lllll////✓,-
_ __..,.._,. ✓✓/1///II✓✓✓-

--✓✓✓i//l//l✓✓✓✓--
---/.'1/ I I I I I/✓✓----
--✓✓✓i///// ✓ I✓✓'---
---✓✓✓//1/1/✓✓✓---
---✓✓I//I//I✓✓✓---
--✓✓lll//lll/✓✓----
_ _..,,,,_,IIIIIII/I✓✓-
-,✓✓ /llllllli/ll-
,-, ✓ l/lllllllll,'i,-
1 ,. /II/ I I I I I I I I I I/ ✓ -
:: I I I I I I I I I I I I I/ I I 1,,, 
I I I j I /I 

S/b===0.18 Transverse electric field 

I==::::::::::::::: 
~------✓✓ 
:, ,------✓✓/ ., , ____ ,,....,,.,, 
:, ,---✓//// 
:·_,..,,,.,.//I// 
,,,,,,✓///// 

:1 I I Ill/Ill :1 I I I I I I,' I I 
•II II I I I I/ I 
:1111111111 
:1 I I 1111111 
,111111/111 
:111111111/ 

:: If I 111 I ij 
:1 111111111 (S/b=0 18) 
Electric field near edge, 

(b) 

!TE" Waveguide Model 

,I. 

l I "\ \' \\\\\\,, 
I I\\\ 11 ,, 
\ \ \ \ \ \ , ........ 
\ \ \ \ \ ,,,
\ \ \ \ \ ',...._._ 
\ \ \ \ ,,,,
\ \ \ '' ,,....__ ,,,,,,, __ ,,,,,, .......... -
'''".-.''-'--,,,,,, ___ _ 

I /r.._,,,,,,,,..._.._ I I~~,,,,,,,,...__ 
I I , ~-., \ \ \ \, ,...__ 
I I I • • \, \ \ \ \ \, .._ 

11 I •II\\ I I\\• 

l ',, 
I I\ , , I \ \ \ \,, 
\\\\\\\\\"' 
\\\\\\\\\,,-
\ \ \ \ \ \ \ \ '' ---
\ \ \ \ \ \ \ '"'" ....__ 
\\\\\\\,,,-
\\\\,.\\\'-'-'--·
\ \ \ \ \ ',,, .......... -
\ \ \ \ '- '''''--\\,,,,,,, __ _ 
,,,\,,,,~--,,,,,,,,, .... ._ _ --,~-,,,,,,,,, ..... ...._ __ _,,\:.,,,,,,,,, __ _ 

,'.\,\\\ ..... ,,,,,,,, __ _ 
I\\\\ I• ... ,,,,,,,,.,.__ 
: \\11 i ,,,,,,,,,,.._ 
' 11 I •II\\\\\\\• 

S/b ===0. 18 Transverse el~ctric field 

rt :::~~~~~~~ 
"-'' \ '., '.,' \ 
\ \ \ \ \ '., \ '., 

•I\\\\\\\\'\ 
:1 \\\\\\\\\ 
:1 I \ \ \ \ \ \ \ \ 

!lttt~~~~~~ 
:111111111\ 

:!t ttl 1 t l:: 
:1 I 11111111 
'i I I I I I I I I I 
:1111111111 
:1111111111 
,1111 I Ill l I 

:: l ! ff l l l l l (S/b===0.18) 
Electric field near edge, 

(c) 

!TM 11 Waveguide Model 

,I. 
11 I I• 

ff j t·fftftt1.-
lf f f f fl I I I I I..-,., 

! I I I ft fl I/ I I,...-/
t I If If// I I//,'/---ffflll/////,',. ___ _ 
t f I I 111,-,-.,..,.,.,.. __ _ 
ff/II//,-.,..,..,.. ____ _ 

,-----,,1,,-..-....--~--,._ ___ .,,,,,, 1 \ \,,, _ _,: __ 
__ .,.,1111 I\\\,,, __ _ 
,,,,,,,,it\\\\\,,,-....-
1 111 I Ill l \ \ \ \ \ ,,,_ 
l I I I t J l l I t \ I\\\\,-. 
l l l l I l l l ! I I I I I\\,·-.. 
• j 111 I 1 

S/b=0.53 

: ; \\II I _,, \ \" 
.......... ,, \ \ \ \ 
---...,,\\\ \ f ! II//,,•----,,,,,, 1 ti//// __ _ 
---,,,\\l fl/// ___ _ 
----,,,\\!I// ___ _ _____ ...._..._, \,. ..--------______ ,,,-..------
____ .,,. ✓ II\\,, ___ _ 
____ .,,.,,,.,- 1 l \ \ , ..... ,,--..-
-..--,://///JI\ ,,v,....., __ 
..-.,-1,r;// I I I\\\,-...--

, l//ll/J / \\\\\,,-... 

:::~~~i1 1 \~~~~~: ..... ,, \\ 

S/b===O, 18 Transverse electric tield 

~ 
\ ' ',,, .. ,. ,. 
\ j '/,,, .- ,,. ,,. 
j ,, •• ,, ...... :11,,,,,,,,.,,,,,,. 

•I l ✓✓✓,,,,,,,, :i 1 .... .,.,,,,,, .. ,.,,,,, 

:· :::::::::::: ,l _____ .,.,..,. 

'I ..._ ____ ,.,..,. :1 .._ ____ .., .... ,. 
:1 ' ' - - - ...... ,. :: 
: I ' ' ' ~ - - ... ., :: 
:;; : : : ..•• : (S/b=0.18) 
Electric l1eld near edge, 

(d) 

Fig. 4. Transverse electric-field profile of single-ridged waveguide eigenrnode and its mode transition from rectangular 
waveguide eigenrnode (with a= b, t / a = 0.016). (a) TE10 Hybrid mode, (b) TE10 Trough mode, (c) TE30 Hybrid mode, and 
(d) TM11 Trough mode. 
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(A16) into (28), Zc is obtained 

.zcoo 

Zc= VI-(kr/kof 

607T·t5 zcoo = -----------
(Pr+ P2 )·cos2 y10t 
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9 10 11 12 13 14 15 

Frequency (GHz) 

Fig. 5. Frequency dependence of guide wavelength Xg of .TE10 Hybrid 
mode (using WRJ-120 waveguide and 2t = 0.3 mm, s = 1.7 mm). 
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s/b and t/a (with a= b). 

where the relative characteristic impedance Zcoo is the 
corresponding value of Zc at the infinitely high frequency. 

From (29), the relation between Zcoo and s / b in the case 
of a = b is calculated for several values of t / a, and is 
shown in Fig. 6. In Fig. 6, as the value of s/b increases to 
one, the value of Zcoo becomes astringent to /µ, 0 /e. 0 
( = 377 Q), the intrinsic impedance of free space. Iri the 
case of a waveguide where 2a =19.0 mm, b = 8.55. mm, 
2t = 0.3 mm, and s = 1.7 mm, the frequency dependence of 
Zc is obtained as shown in Fig. 7. The theoretical values of 
[2], where b = 0.9a, are plotted by dots in Fig. 7. Both 
theoretical values have a good agreement. 

VIII. CONCLUSION 

For the analysis of a ridged waveguide, a simplified 
variational method has been proposed. By using this theo
retical m~thod, the eigenvalue formula, the normal mode 
expressiqn, the electric-field profile, the guide wavelength, 
and the characteristic impedance of the dominant mode 
can be obtained, and the fundamental design charts of a 
ridged waveguide have been given. The correspondence 
between the eigenmode of a ridged waveguide and the 
original one of a rectangular waveguide were obtained. 
And the normal mode expressions given in this paper will 
be useful for the determination of several kinds of equiv
alent circuits for discontinuities in a ridgeq waveguide. 

APPENDIX I 
PROOF OF STATIONARY CHARACTER OF (4) AND (5) 

Equations (4c1) and (Sa) can be summarized in the fol-
lowing stationary formula: · 

~ 2 ~ B</>p; 
_1..., (</>p;·"v, <l>p;)s; ± _1..., (</>p;· -;;;;-)c; 

2 1=1 1=1 kT = - ______ 2 _______ _ (Al) 

I: <<1>;;>s; 
i=l 

g 

"' '" g 
"' "tJ 
Q) 
Q. 

200 

-~ 150 
u 
~ 
-~ 
t3 
l" 
"' .c 
0 

100 

. 9 

f-e-------:-19 mm---, 

~---'] 

• : Theoretical values taken from [2) 

10 11 12 13 14 15 

Frequency (GHz) 

Fig. 7. Frequency dependence of characteristic impedance Zc of TE10 
Hybrid mode (with 2 a = 19.0 mm, b = 8.55 mm, 2 t = 0.3 mm, and 
s=l.7mm) 

or (Sb) and (Sc), then they are the correct solutions of (1) 
with proper boundary conditions. 

When taking the positive sign in (Al), the following 
relation can be obtained by letting </>p; vary a small amount 
()<ppi: 

2 

2kr· L (</>;;)s/l3kr 
i=l 

2 

= -2k;-· L (<l>p;·l3cpp;)s; 
i;., 1 

2 2 

- L (8</>p;·"v/</>p;)s; - L (</>p;·"v/l3<1>p;)s; 
i=l i=l 

(A2) 

By using the Green's first identity in the fourth and· fifth 
terms of the right-hand side of (A2), (A2) can be trans
formed into 

2 2 

kr· L (<l>;;)s/8kr=- L (8</>p;·("v/<l>p;+k;-<f,p;))s; 
i=l i=l 

For the TE modes, if the trial eigenfunction is selected to 
satisfy the constraints on the conductor surfaces /2 , / 4 , / 5 , 

and /6 as shown iri. (4b), the second term of the right-hand 
side of (A3) can be transformed into 

~ 88cphi B8<1>h1 88cph2 
_£..., (<phi. a;- )c; = < <phl. ~ )11 +/3 -( <ph2° ~ )13 
1=1 

(A4) 

In this Appendix, it should be proved that if </>p; ( i = l, 2) where (A) 11 + 13 signifies (A) 11 + (A) 13• Then, if the trial 
minimize (Al) with the constraints given by (4b) and (4c), eigenfunction is also selected to satisfy the continuity con-
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TABLE III 
STATIONARY CHARACTER OF (Al)_ 

dition of the tangential component of the electric field as 
shown in (4c), (A4) becomes 

~ ac3cphi a8cphl ( ) . 
L, (cf,hi• -a->c; = (cf,hl 0 

~\ + <~• cf,hl -cf,h2 )13· 
i=l n 

(A5) 

As the right-hand side of (A5) vanishes with the boundary 
condition on·· the magnetic wall /1 and the continuity 

· condition on /3, the following relation can be obtained: 

(A6) 

Therefore, (A3) becomes 
2 2 

kr· L (cpt)s;·Bkr=- L (<>cf,h;·("v/cf,h;+k}cf,h;))s;· 
i=l i=l 

(A7) 

When <>kr = 0, cf,h; are the correct solutions of (1) with the 
above boundary conditions on /1 and /3• 

Similarly for the TM modes, if the trial eigenfunction is 
selected to satisfy the constraint condition on /1 and /3 in 
Table III, the second term of the right-hand side of (A3) 
vanishes as shown in (A8) by using the boundary condition 
on the conductor surfaces /2 , / 4 , / 5 , and /6 

(A8) 

Therefore, (A3) becomes 

2 2 

kr· L (c/>;;)s;· <>kr = - L (<>cf,e;· ( "v/cf,ei + k}ct,,J)s;· 
i=l i=l 

(A9) 

When c3kr = 0, <>,; are also the correct solutions of (1) with 
the above boundary conditions on /2 , / 4 , / 5 , and /6 . 

TM 

a0,1 . = o on e1 an 

'Pel = Q On el 

'Pel = 'Pe2 on el 

¢,; = o on e2,e,,e5 and e5 

'Pel = 'Pe2 on e3 

eq. (4) 

• eq. (5) 

In the case of taking the negative sign m (Al), the 
following relation can be obtained: 

' . 

2 2 

kr · L ( c/>;; )s; · <>kr = - L ( 8cf,p; · ("v/cf,p; + k}cf>p;) )s; 
i=l i=l 

For TM modes, the relation of (All) can be obtained 

(All) 

under the constraint conditions given by (5b) and (5c) and 
the proper boundary conditions. For TE modes, the rela
tion of (A12) can be obtained 

(A12) 

under the constraint conditions on /1 and /3 for the trial 
eigenfunctions shown in Table III, and the proper boundary 
conditions. 

When Bkr = 0 in (AlO), cf,h; and cf,,; are the correct 
solutions of (1) by using the relations of (All) and (Al2), 
respectively. The proof of the stationary character of (Al) 
is completed for both TE and TM modes. These results are 
summarized in Table III. 

In order to use the known distribution functions ~(y) 
and 'I} ( y) which are proportional to the tangential compo
nents of the electric field on /3 as the trial distribution 
functions, (Al) with the positive sign is selected as the 
variational expression for k} in the case of the TE modes 
as shown in (4) and Table III, and (Al) with the negative 
sign is selected as the variational expression for k} in the 
case of the TM modes as shown in (5) and Table III. 
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APPENDIX II 
DERIVATION OF (8) 

In (7a), let c/>h; vary a small amount, a parameter Pi 
times an error function e1 plus a parameter p2 times an 
error function e2 about its correct function c/>1,; shown as 

c/>h;=c/>1,;+ P1(ki-)e1 + P2e2 (Al3) 

where Pi { = Pi(k;)} is a function of k;., and pi(k;,)e1 is 
corresponding to the error resulted from the difference 
between kr and its correct value kfj., and pi(kf) = 0. On 
the contrary, p2e2 is independent on kr, and is corre
sponding to the error caused by the finite number termina
tions ( m and n) on the summations appeared in (10) and 
(11). 

From (7b) and (A13), F{ = F(k;, p2)} can be consid
ered as a function of k; and p2 , and then (7a) becomes 

F( k}, p2 ) = 0. {A14) 

Equation (A.14) constrains F to vanish; hence, as k; and 
p2 are varied [16], we have 

aF 
ak} 

2 aF 
2 _ c' · l3kr + -a 

kr-kr P2 
P2 =0 

·l3Pi=0 
k}=kt-

2 

P2 =0 

where kf signifies the correct value of k;. 

{A15) 

The second term of this equation vanishes because F is 
stationary about p 1 = 0 (i.e., k; = k~

2

) and p2 = 0 for c/>h; 
as described in Section III-B. The coefficient of the first 
term is not, in general, zero; thus, the relation shown in (8) 
is derived. 

APPENDIX III 
FOURIER TRANSFORMS OF Hy) 

The Fourier transform of f(y) for k 1m and k 2 n in 
regions I and II are expressed by {m and t, respectively, 
and given by 

00 

{m = (f(y )· cosklm Y)13 = L cq-{qm 
q=O 

{ qm = { ( m + q) '1T } -(1/6). Jl/6 { ( m + q) '1T } 
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6
) ·J1/6 { Im - ql'IT} 

[16] 
(A16a) 

R. F. Harrington, Time-Harmonic Electromagnetic Fields. New 
York: McGraw-Hill, 1961, ch. 7, pp. 340-345. 

t =(HY)· cosk2n Y)13 =(HY)· cosk2nY)13+1
5 

(A16b) 

where J 116 is the Bessel function of the first kind. 
By substituting (A16a) and (A16b) into (21), (22), and 

(23), eigenvalues can be obtained. 
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The Electric-Field Problem of an 
Interdigital Transducer in a 

Multilayered Structure 
PETER M. VAN DEN BERG, WALTERJ. GHIJSEN, 

AND ADRIAN VENEMA, MEMBER, IEEE 

Abstract -A computational technique for the determination of the 
potential distribution of an interdigital transducer in a layered nonpiezo
electric environment is presented. Firstly, the problem is reduced to a dual 
boundary value problem for the potential distribution and the jump in the 
current density in the plane of the interdigital transducer. Secondly, an 
iteration scheme to solve this dual boundary value problem is outlined. It is 
based upon an iterative minimization of the integrated square error made in 
the boundary conditions on the transducer fingers. Finally, numerical 
results for some representative configurations are presented. 

I. INTRODUCTION 

T HE ANALYSIS OF surface acoustic wave (SAW) 
filters on silicon subtrates is of considerable impor- . 

tance for the design of these filters in integrated circuits 
(Fig. 1). Any analysis method of SAW crevices is based 
upon the solution of the field equations and pertaining 
boundary conditions [1 ], [2]. This complicated problem is 
approximated either by methods using circuit models [3], · 
[4] or a perturbational method using normal mode expan
sions [5]. In most cases, only a semi-infinite piezoelectric 
substrate has been considered [6], [7]. A review of different 
models has been presented by Szabo et al. [8]. 

In the case of a small piezoelectric coupling, the electric
field distribution is determined by considering the electric 
part of the problem only [9], [10]. In the present paper, we 
also consider the electric-field problem only. Our analysis 
has been inspired by Hartmann and Secrest [11]. These 
authors have presented a rather simple method to compute 
the electric field of an interdigital transducer in a two-media 
configuration. However, special measures have to be taken 
to avoid serious convergence problems. In the present 
paper, it is shown how to obtain optimum convergence. 
The latter is arrived at by minimization of the integrated 
square error made in the boundary conditions at the elec
troded surface. The number of layers is arbitrary. We 
assume that the principal axes of the permittivity tensor 
and the conductivity tensor coincide and that one of them 
is perpendicular to the interfaces of the layers, while the 
other is parallel to the fingers of the transducer. Further, 
the fingers are thought to be infinitely long (two-dimen
sional problem). A similar configuration has been investi-

Manuscript received February 28, 1984; revised August 7, 1984. 
The authors are with the Department of Electrical Engineering, Delft 

University of Technology, 2600 GA ~elft, The Netherlands. 

Fig. 1. A SAW device on a silicon substrate. 

gated by Quak and Den Boon [12]. However, our present 
spectral iteration scheme is more flexible and leads to 
considerably smaller computation times. Finally, some 
numerical results for a realistic configuration [13] are pre
sented to illustrate the power and versatility of the method 
and the pertinent computer program. 

II. DESCRIPTION OF THE CONFIGURATION AND THE 
ELECTRIC-FIELD PROBLEM 

The general configuration to be investigated is shown in 
Fig. 2. A number of parallel electrodes with infinite electri
cal conductivity is situated in a plane interface of the 
multilayered structure. A Cartesian coordinate system 
(x, y, z) is introduced such that the electrodes are located 
in the plane z = 0 and parallel to the y-axis. The electroded 
part of the plane z = 0 is denoted as S, while the unelec
troded part is denoted as S'. The part of S occupied by the 
pth electrode is called SP and the part of S' adjoining the 
left edge .of the pth electrode is called s;. The configura
tion consists of M + l homogeneous layers at one side of 
the electroded plane and N + l homogeneous layers at the 
other side. The interfaces between the layers are the planes 
z = zm, m =1,2,· · ·, M for z > 0 and z = Zn, n =l,2,- · ·, N 
for z < 0. 

The electric properties of a material can be characterized 
by its permittivity tensor E: and its conductivity tensor CJ. 

We assume that in each layer the principal axis of E: and CJ · 

coincide with the axes of the Cartesian coordinate system. 
Then, in this system, both' tensors are represented by the 

0018-9480 /85 /0002-0121$01.00 ©1985 IEEE 
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DM+1 --------::• ,---M-- Z=ZM 

- - - - - - - - - - - - - - - --
. ----------------

ON 
Z= ZN 

DN+1 

Fig. 2. The general configuration. 

diagonal matrices 

( ,, 0 

~J ( ., 0 

~ ) t:= ~ fy a= ~ ay 

0 0 oz 

(1) 

Sinusoidally time-varying voltages are applied to the elec
trodes and these generate a time-harmonic field. The com
plex time factor exp(jwt) is omitted in the formulas. In the 
range of frequencies we are interested in, we may neglect 
the influence of the magnetic field, so V X E = 0, and 
hence the electric field can be written as 

E=-VV (2) 

where V is the electric potential. From the (generalized) 
current density 

J=(a+jwt:)·E 

and the equation of continuity 

V·J=0 

(3) 

(4) 

together with (2), we obtain for each of the layers a partial 
differential equation to be satisfied by the electric potential 

v· [(a+ jwt:)·VV] = 0. (5) 

To determine V in each layer, we must further specify 
the boundary conditions at any interface. These conditions 
are as follows. 

1) Across any interface, the electric potential V is 
continuous. 

2) Across an unelectroded interface, the z-component 
Jz of the current density is continuous. 

3) At the plane z = 0, the potential equals the pre
scribed constant value ½, at the pth electrode 

V(x,0) = ½,, x ESP- (6) 

4) At the unelectroded part of z ::, 0, the jump in the 
z-component of the current density 

The electric current per unit length in the y-direction fed 
into the pth electrode follows from the surface integral of 
the z-component of the current density as 

(9) 

The electrodes are fed in such a way that the net electric 
current in the configuration vanishes. Thus 

j[Jz(x)].:'.' dx=0. 
s 

(10) 

As a consequence, the potential can be taken equal to zero 
as lzl--+ oo. In some applications, we are dealing with a 
perfectly conducting ground plane at z = zM and/or z = 
z N· In the latter case, the potential at a ground-plane 
interface can also be taken equal to zero. 

III. SPECTRAL REPRESENTATIONS 

On account of the invariance of the configuration with 
respect to the y-coordinate, the electric-field problem is a 
two-dimensional one in x and z. We introduce the spatial 
Fourier transform of an arbitrary function F(x, z) as 

F(a,z)= J'x, F(x,z)exp(-jax)dx, aEIR 
-oo 

(11) 

while the original function F(x, z) is found from the 
inverse transform as 

F(x, z) = (2'1T )-
1 j 00 

F(a, z )exp(jax) dx, 
-oo 

XE IR. 

(12) 

Similar Fourier transform pairs are defined for the poten
tial [V(x, z), V(a, z)] and the current density [J(x, z), 
i( a, z )]. With the aid of this Fourier transform, it is 
observed that (5) can be written as · 

-1exa2V(a,z)+1eza;v(a,z)=0 (13) 

where we have used a Y = 0. In (13), "x and "z are given by 

(14) 

and 

(15) 

For the range of the subscripts we refer to Fig. 2. 
It is now easily verified that the spectral solutions (in the 

a-domain) of (13) can be written in the matrix form 

[ 
V( a, z) l , [ V( a, z') ] · 
-( ) =[Tm(a,z-z)] -( ') mDm Jz a, z Jz a, z 

(m=l,2,:··,M) (16) 
[Jz(x)].:'.' = limJz(x, z)-limJz(x, z) 

z J,O z tO (7) where the transfer matrix is given by 

is equal to zero 

[Jz(x)].:'.' =0, xES'. (8) 
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Combining (22) and (24), we arrive at 

(m~l,2, .. ,M+l) (18) J,(a,o+)=Y+(a)V(a,o+) (28) 

( m =l 2 · · · M +1) ' ' ' . 
(19) 

the square roots being defined as Re( · · · )112 ~ 0. Similar 
relations in Dn are arrived at if, in (16)-(19), m is replaced 
by n and M is replaced by N. 

The boundary conditions ~t the unelectroded interfaces 
are simply the relations · · 

lim' [~(a, z) l = lim [~(a, z) l 
zfzm J,(a,z) zJ.zm Jz(a,z) 

( m = 1, 2, .. · , M ) ( 20) 

lim [~(a, z) l = lim [~(a, z) l 
zJ,z. J,(a,z) ztz. J,(a,z) 

(n=l,2, .. ·,N). (21) 
In the semi-infinite d9main J)M+l• we have solutions of 
(13) of the type exp(- 'YM+ 1z); hence, at the interface 
z = z M• we have the relation 

J,(a, zM) = YM+ 1V(a, zM). (22a) 

If the plane z ~ z M is grounded, then, simply 

V(a, zM) = 0. (22b) 

In the semi-infinite domain DN+l• we have solutions of 
(13) of the type exp('YN+ 1z); hence, at the interface z = zN, 
we have the relation 

J,(a, zN) = -YN+ 1V(a, zN). (23a) 

If the plane z = z 1:1 is grounded, then, simply 

V(a, zN) = 0. (23b) 

Now, using the transfer-matrix formulation of (17) and 
(20), the ~pectral representation of the potential V( a, 0 +) ~ 
½m, J. 0V( a, z) and' th~ current density J,( a, 0 +) = lim, i 0 

J, ( a, z) can be expressed in the pertaining values at z =;= z M 

as 

[ ~((a,o: )) l = [Ti_. M] [ ~((a, zM)), l 
J,. a,0 J, a, zM 

(24) 

where the elements of the transfer matrix [T1 _. M] follow 
from ··' · 

[

T(l,l) 
1-+ M 

T(2,l) 
1-+ M 

Similarly, the spectral representation of the potential 
V( a, o-) =: lim,; 0V( a, z) and the current density J,ca: o-) 
= lim,; 01,(a, z) can be expressed in the pertaining values 
at z = zN as 

where 

[
~(a,O=!]=[T1_.N][f(a,zN)l (26) 
J,(a,0 ) J,(a, zN) 

[ 

r.<1,1) 1-+ N 

T(2,l) 
1-+ N 

(27) 

where 

T (2,l) + y T(2,2) 
+( ) 1-+M M+l 1-+M y a=-------

r<1,1) + y r<1,2) 
1-+M M+l 1-+M 

(29a) 

or, if the plane z = z M is grounded 

y+ (a)= T(2,2) /T(l,2) 1-+M 1-+M' (29b) 

It is noted that, in case we are dealing with only a 
semi-infinite medium present for z > 0, we have y+(a) = 
Ym(a), where m =1. Similarly, the combination of (23) and 
(26) leads to 

J,( a,o-) = - y-( a) v( a,o-) (30) 

where 

r<2.1) _ y r<2.2) y- (a) = __ l _-+_N __ N_+_l_l_-+_N 
r<l,l) _ y r<l,2) 

1-+N N+l 1-+N 

or, if the plane z = z N is grounded 

y-( a)= Tf:.21/T?--.21. 

(30a) 

(30b) 

It is noted that, in case we are dealing with only a 
semi-infinite media present for z < 0, we have ye- (a) = 
Yn(a), where n =l. · 

Finally, the spectral relation between the potential 
V( a, 0) = V( a, 0 + ) = V( a, o- ) and the jump in the z-com
ponent of the current density [],(a)t = J,(a,0+)
Jz( a, o- ) is obtained by combining (28) and (30). We 
arrive at 

[J,(a)f ~ Y(a)V(a,0) (31) 

with 

Y( a) = y+ (a)+ y- (a). (32) 

The only conditions yet to be fullfilled are (6)-(10). Thus, 
the electric-field problem as described in Section II has 
been reduced to· a dual boundary value problem for the 
potential in z = 0 and the jump in the z-component of the 
current density in z = 0, where (31) is an interconnecting 
relation between these quantities. Once this one-dimen
sional problem for z = 0 has been solved, the potential can 
be determined in whole space IR 2. The latter directly fol
lows from (28) and (30) and the transfer-matrix technique 
of (16)-(2D, Finally, the electric field is obtained from (2). . . . . 

IV. ITERATIVE MINIMIZATION OF THE INTEGRATED 

SquARE ERROR 

This section outlines the iterative method used to find a 
solution to the problem described by the spectral relation 
of (31) ~nd the dual boundary value problem of (6) and 
(8). Further, (10) should be satisfied as well. 

A. Initial Estimate 
The method· starts with an initial estimate for which the 

current density satisfies all conditions. A simple choice is 
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the constant value 

v<0>(x,0) = l ¼dx' / l dx', xEIR (33) 

being the integrated average value over all electrodes. The' 
related jump in the current density [Jz(x)t is identical 
equal to zero and satisfies (8) and (10) trivially. 

B. Iterative Procedure 

In order to fulfill (6), we have an iterative procedure 
where the nth estimate of the potential v<n>(x,0) is gener
ated from the former step of the iteration as 

v<n>(x,0) = v<n-l)(x,0)+ 11<n>v<n>(x ), XE IR(34) 

where 11<n) is a complex variational parameter and v<n>(x) 
is a suitably chosen variational potential. The current 
density [Jz(x)]:'.: related to this variational potential v<n>(x) 
through (31) should satisfy (8) and (10). Notice that the 
current density related to v<n) then satisfies (8) and (10). 
The actual construction of v<n>(x) will be discussed in 
Section V. The deviation of the estimated potential v<n>(x) 
from the required value ¼ at the pth electrode is denoted 
by p<n>(x) as 

p(n)(x) = ¼-v<n>(x,0), x E Sp (35) 

while the integrated square error ERR<n) after n steps is 
given by 

this condition already. Therefore, we employ 

f v<n>(x)dx=0 
s 

(43) 

as an extra condition for the selection of the variational 
potential ( cf., Section V). 

C. Second Minimization Step 

In order to decrease the right-hand side of (37) still 
further by manipulating the variational potential v<n>, we 
substitute (40) in (34) and use the expressions for A<n) and 
B(n)_ Then, it follows that 

q=l,2,-··,n. (44) 

With this orthogonality relation, we are now able to mini
mize B<n>, while keeping A<n) unchanged if, in the right
hand side of (39), the functJ.on v<n>(x) is replaced by 
v(n)(x )- r<n>v<n-l)(x ), where r<n) is a second variational 
parameter. If this replacement is carried out in (39), a new 
value "Ji(n) of B(n) is constructed, that follows as 

"jj(n) = B(n) - 2 Re [tn>*c<n)] + I r<n) i2 B(n-1) ( 45) 

where 

(46) 

The right-hand side of (45) has as a function of t<n> a 
ERR(n)= jlp<n>(x)( dx. 

s 
(36) minimum at 

The expression for ERR<n) can now be written as 

ERR(n) = ERR(n-I) -2 Re [ 1j(n)* A(n)] + I 11(n) 1
2 B(n) 

(37) 

in which 

and 

A(n)= jv<n)*(x)F<n-l)(x)dx 
s 

(38) 

(39) 

The right-hand side of (37) has, as a function of 11<n>, a 
minimum at 

1/(n) = A(n) I B(n). (40) 

Taking 11<n) to be this value in (37), we obtain 

ERR(n)=ERR(n-l)_ IA(n)(/B(n) (41) 

from which it follows that, if A(n) =#:- 0, ERR(n) < ERR<n-l)_ 
In this way, a possible divergence of the iteration scheme 
has been excluded. 

A necessary but not sufficient condition that ERR<n> = 0 
for some n is 

r<n) = c<n) I B(n-1). 

Taking, in (45), t<n) to be this value, we arrive at 

"jj(n) = B(n) _ I c<n) i2 / B(n-1). 

(47) 

(48) 
First of all, this shows that "jj<n> < B<n>, if c<n> =I:- 0. Fur
ther, it follows by substituting (47) in 

that 

1 v<n-l)*(x) v<n>(x) dx = 0. 
s 

x E iR (49) 

_ (50) 

If the original function v<n>(x) was already such that the 
right-hand side of (46) vanished, then no improvement will 
be attained in this second minimization step. Note that this 
is consistent with (50). Hence, the second minimization 
step automatically stops after being carried out once. In 
the next section, we shall discuss a procedure that leads, in 
each iteration, to the generation of a particular value of 
v(n)(x). Once tn> has been determined, v(n)(x) can be 
replaced by v<n>(x) of (49). Note that the second minimiza
tion step can only be carried out from n = 2 onward, since 
v<0> is not defined. The complete iteration scheme is shown 
in Table I. 

1 p(n)(x) dx = 0. (42) V. GENERATION OF THE VARIATIONAL POTENTIALS 

s This section presents the technique to construct the 
For n = 0, our choice of the initial estimate of (33) satisfies variational potential v<n>(x) such that in the a-domain we 
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if n>l 1 · 

TABLE! 
THE ITERATION SCHEME 

v(O)(x,O) = fs up dx' Ifs dx' 

F(O)(x) = UP - v(O)(x,O) 

ERR(O) = fslF(O)(x)l 2 dx 

i 

determination of v(n)(x) 

(Section V) 

i 
A(n) ~ fs v(n)•(x) F(n-l)(x) dx 

B(n) = fsl)n)(x)l 2 dx 

l 
C(n) = fs v(n-l)•(x) v(n)(x) dx 

,(n) = c(n) I 8(n-1) 

F(~)(x) = U - V(n)(x,O) 
p 

ERR(n) = f slF(n)(x)l 2 dx 

have a spectral rela_tion equivalent to (31) as 

],<nl(a) = Y(a)v<nl(a) 

where, in the x-domain 

J,(n)(x) = 0, 

jJ,<nl(x) dx = 0 
s 

fv(n)(x)dx=O. 
s 

A suitable choice of v<n) would be 

v<nl(x) = {p(n-ll(x), 
0, 

xES' 

xES 
xES' 

(51) 

(52) 

(53) 

(54) 

(55) 

Clearly, the choice of v<nl(x) at S provides an error 
ERR(n) = 0, but (51)-(54) have not necessarily been met. 
Table II shows how a variational potential with an associ
ated jj"l satisfying all requirements can be generated by 
using the value v<n) of (55) as a starting point. In step (a) 
of Table II, the current~density jump that is related to the 
potential of (55) is determined. Subsequently, in step (b), 

(a) 

(b) 

(c) 

(d) 

x-domain 

(x E JR) 

F(n-1) (x) 

0 

j (n)(x) 
z 

l 
. (n)( ) 

JZ X 

j 
. (n)( ) 

Jz X 

v(n)(x) 

! 

TABLE II 
GENERATION OF v<">(x), XE Iii 

, a-domain 

(aeR) 

. ,,, l Fs(a) 
, xeS' =====} 

i 
F j

2 
(~)(a) = Y(a) Fs(a) 

0, XES
1 

.-
f j (n)(x') dx' 

j (n)(x) - s z xeS 
z 

f s dx' 
, 

==> j (n\a) 
z 

l J
2 

(n\a)/Y(a) ,a <IR\{0} 
{::=: ;;(n)(a) = 

0, a=0 

fsv(n)(x') dx' 
v(n)(x) := v(n)(x) -

f S dx' 

the current-density jump is forced to satisfy (52) and (53) 
by simply setting the value of this function at the unelec
troded part S' as well as the average value at the elec
troded part S at zero. In step (c), the potential results such 
that the average value of this potential over ~ is zero. In 
the last step (d), v<n) is constructed such that this function 
satisfies (54). Note that this last modification of v<n) does 
not modify the related jj"l. In the spectral relation of (51), 
only v(n)(0) would change; however, this has no influence 
upon J,(n)(0), since we know that Y(0) = 0. 

.VI. COMPUTATIONAL ASPECTS AND NUMERICAL 

RESULTS 

In our computational approach, we represent all spatial 
functions occurring in the iteration scheme as functions of 
certain discrete values of x, while in the Fourier domain, 
all spectral functions are represented as functions of cer
tain discrete values of a. The Fourier transform and the 
inverse Fourier transform in discrete form between the 
spatial and the spectral functions are performed by the 
very efficient fast Fourier transform (FFT) technique [14]. 
In order to implement the FFT technique, we have to 
recognize that, in fact, the FFT can only be applied to 
periodic functions. This implies that only the electric-field 
problem of an infinite periodic interdigital transducer can 
be solved. It is obvious that a finite interdigital transducer 
having a large number of periodically located electrodes is 
very similar to an infinite periodic one. If this assumption 
is not valid, then the interdigital transducer can be simu
lated as an infinite periodic one of which the period 
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Vacuum 

ZnO 

P:4.0 m hzno=l8.5µm 

W:I0µm 

-IV +IV -IV + IV 

Si 

Fig. 3. An interdigital metal pattern in a vacuum ZnO-SiO2 -Si config -
uration. 

consists of the interdigital transducer involved suppie
mented with a large unelectroded surface. In this way, the 
mutual influence of two adjacent periods is reduced. Fur
ther in our computational approach, all integrations over S 
in the iteration scheme are replaced by a simple numerical 
summation (trapezoidal integration rule). 

In order to demonstrate the performance of the pre
sented method, we apply it to a specific configuration (Fig. 
3). Ii consists of an infinite periodic interdigital metal 
pattern in a vacuum ZnO-SiO2 -Si structure. The polari
ties of the fingers are alternately + 1 V and - 1 V. All 
electroded domains ( = W) and all unelectroded domains 
are equally sized. The period ( = P) of the interdigital 
transducer, being the distance between_the left edges of two 
adjacent positive electrodes, is taken 40 µm. Table 111 lists 
the relative permittivities and the conductivities of the 
media of the configuration in Fig. 3. In Table iV, we 
present the values of the root-mean-square error 
[ERR<nl/fsdxJ 112 as a function of the number of itera
tions. The remarkable convergence of the present iterative 
method has to be noted. 

In Fig. 4, we present the numerical results for the spatial 
distribution of the potential and the surface charge Ps = 
(jw)- 1[JzCx)]~ at the electroded plane of the configura
tion of Fig. 3. The frequencies of operation are taken to be 
w =10 6 rad/s (curve a) and w =1010 rad/s (curves band 
c). The surface charge in the low-frequency situation is 
larger than in the high-frequency one. Furthermore, the 
surfii.ce charge as well as the potential at the electroded 
plane are approximately real in the low-frequency case, 
and become complex when the frequency is increased. The 
iscipotential plots of Fig. 5 also visualize the difference 
between the high- and the low-frequency. behavior. For 
w = 106 rad/s, it is observed that the isopotential lines do 
not penetrate into the silicon bulk. Replacing the silicon 
rriedium by a highly conductive plate, we have observed rto 
difference in the isopotential plots of the two configtira
tioris for this low-frequency region. For w = 1010 rad/s, the 
1.sopotential lines penetrate into the silicon. The discontinu
ities in the curves at the interfaces are due to continuity 
constraints of the potential and the normal component of 
the current density. In Fig. 6, the frequency behavior of the 

TABLE III 
THE VALUES OF THE. RELATIVE PERMITTIVITIES ( E,"" E/E0; 

<o = 8.854 10-12 F /ni) AND CONDUCTIVITIES OF THE MEDIA OF 
THE CONFIGURATION OF FIG. 3 

medium £ z,r a 
X 

a 
z 

in S/m in S/m 

Vacuum 0 0 

ZnO 8.32 8.83 0 0 

Si02 3. 78 3. 78 0 0 

Si 11.7 11.7 1.0 1.0 

TABLE IV 
THE ROOT-MEAN-SQUARE ERROR AS A FUNCTION OF THE NUMBER 

OF ITERATIONS 

Iteration 

step 

3 

4 

The root mean square error 

w = 106 

13 % 

0.074 % 

0.021 % 

0.0017 % 

0.0004 % 

w = 1010 

12 % 

0.15 % 

0.10 % 

0.01 % 

0.005 % 

The configuration of Fig:· 3 has a discretization of 256 points within the 
period P. 

-05 

-w 

Ps m 16,1 04 
Coullm 

02 

b 
a 

xmµm 

a. w = 106 

b: W = 1010
,REAL PART 

c.· W = 1010,IMAGJNARY PART 

\ ~ l .xmµm 

~b 30c 4-0 
00t---~~=-,;------;

0
'=====' 

/0 c 20 a b 
-02 

-04 

Fig. 4. The spatial distribution of the potential and surface charge at the 
electroded plane of the configuration of Fig. 3. 

configuration is further visualized by the capacitance and 
the conductance of a finger pair as a function of the 
frequency. It is observed that the conductance G ( = the 
quotient of the real part of the current through one elec
trode and the pertaining potential difference of the finger 
pair) is practically zero for low f~equencies, while the 
capacitance C ( = the quotient of the real part of the 
surface charge at one electrode and the pertaining potential 
difference of the finger pair) has a constant value. At high 
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Fig .. 5. The potential distribution in the configuration of Fig. 3 for 
w =106 and w =1010. 
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Fig. 6. The capacitance and conductance of a finger pair as function of 
the frequency. 
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Fig. 7. The potential distribution in the configuration of Fif 3, while 
the metal pattern consists of six electrodes only ( w = 10 ). 
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Fig. 8. The potential distribution in the configuration of Fig. 3, while 
the thickness of the SiO2 layer is infinite ( h SiO ..... oo) and the metal 
pattern consists of six electrodes only. 

2 

frequencies, the capacitance has a smaller constant value, 
and the conductance is not negligible anymore. In Fig. 7, 
we present the isopotential lines of a finite interdigital 
metal pattern of six electrodes in the vacuum Zn0-Si02 -Si 
structure of Fig. 3. To simulate the infinite domain in 
which the six electrodes have been situated, we take a 
period (in the FFTcalculations) of fifty times the width of 
one electrode. Fig. 7 demonstrates that the influence of end 
effects in this configuration are negligible. In Fig. 8, we 
show an isopotential plot for the metal pattern of six 
electrodes in the configuration of Fig. 3, while the thick
ness of the Si02 layer is thought to be infinite ( h SiOi - oo ). 
Here, the end effects play a dominant role. Obviously, the 
conductivity of the silicon substrate in Fig. 7 has reduced 
the influence of end effects. 

In order to discuss the influence of the discretization 
upon our numerical results, we therefore compare our 
numerical results to known analyti~al ones in a simple 
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TABLEV 
THE RELATIVE ERROR AND THE COMPUTATION TIME (ON AN 

AMDAHL V /7-B COMPUTER) RESULTING FROM THE 
COMPUTATION OF THE CAPACITANCE OF A PERIODIC INTERDIGITAL 

TRANSDUCER IN VACUUM 

Number of 

points 

32 

64 

128 

256 

512 

1024 

C int 
Flm 

109 

Relative error Computation time 

3 % < 1 s 

1.6 % < 1 s 

0. 7 % 1 s 

0.3 % 1 s 

0.1 % 4 s 

0.02 % 7 s 

1011
+---,-----,------r-----r----

O.O 02 0.1. 06 08 2WIP 
Fig. 9. The capacitance of a finger pair in the configuration of Fig. 3 as 

a function of the electrode width (W), while the period Pis constant. 

configuration of an infinite periodic metal pattern m 
vacuum. The capacitance is then given by [9] 

(56) 

where K is the complete elliptic integral of the first kind 
[15], and k = cos(l/2'1T(l-2W/P)). Table V presents the 
relative error as a function of the number N of discretiza
tion points within a period P, where the summed square 
error of the discretized iteration scheme is negligible. 

Finally, the capacitance pertaining to the configuration 
of Fig. 3 as a function of W is presented in Fig. 9. 

Additionally, we also present the capacitance if the thick
ness of the Si02 layer is thought to be infinite. 

VII. CONCLUSIONS 

We have presented a computational method to investi
gate the behavior of a SAW transducer. The method is 
based upon a fast convergent iterative scheme. The minimi
zation of the error made in the satisfaction of the boundary 
condition at the electrodes has guaranteed the convergence 
of the scheme. Using the FFT technique, the numerical 
computations are straightforward. At this moment, we are 
now able to compute the electric field of any realistic finger 
structure in any realistic layered environment. 

We have further shown that the influence of the layers is 
necessary to , take into account. A conducting layer can 
influence the mutual coupling of the transducer fingers 
dramatically. 

REFERENCES 

[l) R. N. Thurston, "Wave propagation in fluids and normal solids," in 
Physical Acoustics, part IA, W. P. Mason, Ed. New York: 
Academic Press, 1964, ch. 1, pp. 1-110. 

[2) D. A. Berlincourt, D. R. Curran, and H. Jaffe, "Piezoelectric and 
piezomagnetic materials and their function in transducers," in 
Physical Acoustics, part IA, W. P. Mason, Ed. New York: 
Academic Press, 1964, ch. 3, pp. 169-270. 

[3) W. R. Smith et al., "Analysis of interdigital surface wave trans
ducers by use of an equivalent circuit model," IEEE Trans. Micro
wave Theory Tech., vol. MTT-17, pp. 856-864, Nov. 1969. 

[4) W. R. Smith and W. F. Pedler, "Fundamental- and harmonic
frequency circuit-model analysis of interdigital transducers with 
arbitrary metallization ratios and polarity sequences," IEEE Trans. 
Microwave Theory Tech., vol. MTT-23, pp. 853-864, Nov. 1975. 

[SJ B. A. Auld and G. S. Kino, "Normal mode theory for acoustic 
waves and its application to the interdigital transducer," IEEE 
Trans. Electron Devices, vol. ED-18, pp. 898-908, Oct. 1971. 

[6) A. K. Ganguly and M. 0. Vassell, "Frequency response of acoustic 
surface wave filters. Part I," J. Appl. Phys., vol. 44, pp. 1072-1085, 
Mar. 1973. 

[7) R. F. Milson, N. H. C. Reilly, and M. Redwood, "Analysis of 
generation and detection of surface and bulk acoustic waves by 
interdigital transducers," IEEE Trans. Sonics Ultrason., vol. SU-24, 
pp. 147-166, May 1977. 

[8) T. L. Szabo, K. R. Laker, and E. Cohen, "Interdigital transducer 
models: Their impact on filter synthesis," IEEE Trans. Sonics 
Ultrason., vol. SU-26, pp. 321-333, Sept. 1979. 

[9) H. Engan, "Excitation of elastic surface waves by spatial harmonics 
of interdigital transducers," IEEE Trans. Electron Devices, vol. 
ED-16, pp. 1041-1017, Dec. 1969. 

[10) G. W. Farnell, I. A. Cermak, P. Silvester, and S. K. Wong, "Capaci
tance and field distributions for interdigital surface-wave trans
ducers," IEEE Trans. Sonics Ultrason., vol. SU-17, pp. 188-195, 
July 1970. 

[11) C. S. Hartmann and B. C. Secrest, "End effects in interdigital 
surface wave transducers," in 1972 Ultrasonics Symp. Proc., IEEE 
Cat. no. 72-CHD-8SU, 1972, pp. 413-416. 

[12) D. Quak and G. den Boon, "Electric input admittance of an 
interdigital transducer in a layered, anisotropic, semiconducting 
structure," IEEE Trans. Sonics Ultrason., vol. SU-25, pp. 44-50, 
Jan. 1978. 

[13) W. J. Ghijsen and A. Venema, "Optimal transducer design for the 
generation of SAW in silicon substrates," Sensors and Actuators, 
vol. 3, pp. 51-62, 1982/1983. 

[14) E. 0. Brigham, The Fast Fourier Transform. Englewood Cliffs, 
NJ: Prentice-Hall, 1974, pp. 1-252. 

[15) M. Abramowitz and I. A. Stegun, Handbook of Mathematical Func
tions. Washington DC: National Bureau of Standards, 1964, ch. 
17, pp. 587-626. 



IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. MTT-33, NO. 2, FEBRUARY 1985 129 

Peter M. van den Berg was born in Rotterdam, 
The Netherlands, on November 11, 1943. He 
received a degree in electrical engineering from 
the Polytechnic School of Rotterdam in 1964. He · 
received the B.Sc. and M.Sc. degrees in electrical 
engineering from The Delft University of Tech
·nology, The Netherlands, in 1966 and 1968, re
spectively, and the Ph.D. degree in technical 
sciences from The Delft University of Technol
ogy, in 1971. 

From 1967 to 1968, he was employed as a 
Research Engineer by the Dutch Patent Office. From 1968 until the 
present, he has been a member of the Scientific Staff of the Electromag
netic Research Group of The Delft University of Technology. During 
these years, he carried out research and taught classes in the area of wave 
propagation and scattering problems. During the academic year 
1973-1974, he was a Visiting Lecturer in the Department of Mathematics, 
University of Dundee, Scotland. During a three-month's period of 
1980-1981, he was a Visiting Scientist at the Institute of Theoretical 
Physics, Goteborg, Sweden. He was appointed Professor at The Delft 
University of Technology in 1981. 

Walter J. Ghijsen was born in Geldrop, The 
Netherlands, on June 24, 1958. He received the 
M.Sc. degree in electrical engineering in 1983 
from The Delft University of Technology, Delft, 
The Netherlands. He is currently working to
wards his Ph.D. degree in technical sciences at 
The Delft University of Technology. 

+ 
Adrian Venema (M'82) was born in Cimahi, In
donesia, in 1932. He received the B.Sc. electrical 
engineerii;1g degree in 1954 from the Polytechnic 
School in Leeuwarden. He received the M.Sc. 
and Ph.D. degrees in electrical engineering from 
The Delft University of Technology in 1968 and 
1980, respectively. 

He is a senior staff member of the Electronic 
Instrumentation Laboratory of the Electrical En
gineering Department. He is currently responsi
ble for research in SAW devices in silicon. 

Computer ·calculation of Large-Signal 
GaAs FET Amplifier Characteristics 

ANDRZEJMATERKAANDTOMASZKACPRZAK 

Abstract -A simple and efficient method of GaAs FET amplifier analy
sis is presented. The FET is represented by its circuit-type nonlinear 
dynamic model taking into account the device's main nonlinear effects 
including gate-drain voltage breakdown. An identification procedure for 
extraction of the model parameters is described in detail and examples are 
given. The calculation of the amplifier response to a single-input harmonic 
signal is performed using the piecewise harmonic balance technique. As 
this technique is rather time-consuming in its original form, the optimiza
tion routine used to solve the network equations was replaced by the 
Newton-Raphson algorithm. Characteristics calculated with the use of the 
proposed method are compared with experimental d?ta taken for a micro
wave amplifier using a 2SK273 GaAs FET unit. Good agreement at 9.5 
GHz over wide ranges of bias voltage and input power levels are observed. 

l. INTRODUCTION 

THE GaAs FET is receiving continuously growing at
tention from circuit designers both in low-noise and 

high-power applications. Particularly, the power FET is an 
attractive device for use in microwave amplifiers and oscil
lators with its efficiency and power performance compara
ble or even superior to the other commercial solid-state or 
TWT sources. On the other hand, the power FET has 
received much less attention from researchers than its 
low-noise counterpart and, still, there is a need for data on 
device RF characterization at large-signal drive levels. 

Manuscript received November 10, 1983; revised September 17, 1984. 
The authors are with the Technical University of Lodz, Institute of 

Electronics, Gdanska Street 176, 90-924 Lodz, Poland. 

Some efforts have been made to simulate the large-signal 
GaAs MESFET performance based on the numerical solu
tion of the two-dimensional nonlinear differential equa
tions describing the electron transport in the channel. The 
numerical results [l] are very helpful to understand device 
operation, but long computational time makes this ap
proach impractical in circuit analysis and design programs. 
Recently, Madjar and Rosenbaum [2], [3] and Shur and 
Eastman [4] developed approximate analytical theories to 
model the active region under the gate of the microwave 
GaAs FET. Although one of these theories has been ap
plied to the analysis of a practical microwave FET oscilla
tor [3], both of them are of limited use in, circuit design 
practice because they utilize the FET physical parameters 
which are scarcely available to the circuit designers. 
Willing, Rauscher, and de Santis [5] characterized an actual 
device with a quasi-static approach by measuring small-sig
nal scattering parameters at a number of operating points 
to formulate an equivalent circuit, some of whose elements 
are bias-dependent. They use polynomial forms to ap
proximate these dependences and a time-domain analysis 
program to calculate the large-signal device characteristics. 
The results obtained compare favorably with the experi
mentally determined characteristics, but the complexity of 
the equivalent circuit makes the identification technique of 
the model parameters rather laborious. Later, Rauscher [6] 

0018-9480 /85 /0002-0129$01.00 ©1985 IEEE 



130 IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. MTT-33, NO._2, FEBRUARY 1985 

proposed an PET macromodel with a "lumped" nonlinear
ity, making it possible to analytically determine the opti
mum large-signal operating conditions of the PET in an 
oscillator circuit. A drawback of this approach is that the 
calculated optimum corresponds to a given combination of 
bias voltages. To achieve the circuit optimization over the 
entire range of the gate and drain voltages, one should 
perform a large number of measurements at elevated drive 
levels. 

An alternative approach to the large-signal characteri
zation of the microwave GaAs PET was used in the work 
of Tajima et al. [7]. They postulate that the large-signal 
device properties are governed primarily by the transistor 
de characteristics-an assumption which has been verified 
at least up to 10 GHz. The Tajima model does not repre
sent, however, the voltage-breakdown phenomenon [8] in 
the gate-drain region which is believed to have an impact 
on the PET gain saturation characteristics [9]. In order to 

Rd LJ L,. 
G o-JYY\.~"-{_Jt-+---ilb:--+--T"-L.J--'Tn_,-J• D 

s---~---------------s 
Fig. 1. FET large-signal equivalent circuit. 

appropriately formulated network equations [14] are used 
in the present work. 

II. LARGE-SIGNAL DYNAMIC GAAs MESFET 
MODEL 

take full advantage of the power capabilities of GaAs It was assumed, based on experimental study of arbi
MESFET's, the breakdown effect is taken into account in trarily s.elected transistors, that the main nonlinear ele
the circuit-type large-signal dynamic model proposed in ments of the model (see Fig. 1) are as follows [15]: 
this paper. 1) the equivalent gate-to-source capacitance Cgs' 

the diode DJ, which represents the current in the 
gate-to-channel junction, 

3) the drain current source id controlled by voltage vari
ables vg and vd, 

The general problem of the microwave PET amplifier 2) 
analysis is to derive a systematic procedure for defining the 
optimum input power, bias conditions, and terminating 
impedances that correspond to the maximum efficiency or 
output power at a given frequency. This can be facilitated 4) 
greatly with the use of a computer and an appropriate 
large-signal analysis program. The computational task is to 
find a periodic steady-state response of a nonlinear net
work (i.e., the PET and its embedding circuit) to a single
input harmonic signal. The general-purpose time-domain 
analysis programs are not suitable for this aim because 
they are very time-consuming when applied to microwave 
circuits which typically consist of linear elements with a 
relatively small number of nonlinear ones. Additional 
difficulty arises from the fact that the time-delay effects as, 
e.g., the time difference between the changes in gate volt
age and the relevant changes in the drain-source conduc
tion current in the MESFET device, cannot be easily 
simulated with most time-domain analysis programs [10]. 
Another analysis method, of the simple iteration type, was 
applied by Tajima et al. [7] to the PET amplifier and 
oscillator design but sometimes it fails to converge, espe
cially at high-input levels [11]. It follows then that the most 
efficient methods of proven value in the steady-state large
signal analysis of nonlinear circuits are the so-called piece
wise harmonic balance techniques [12]. The network 
analyzed by these methods is decomposed into a minimum 
number of linear and nonlinear subnetworks and only 
frequency domain solutions of the linear subnetworks are 
required. In the original work of Nakhla and Vlach [12], an 
optimization procedure was used to solve the networks 
equations; however, it appears to be time-consuming and 
exhibits convergence problems at the high number of varia
bles in the optimization process [13]. Taking the above 
considerations into account, the harmonic balance tech
nique together with the Newton-Raphson method and 

the diode · D,, which represents the effect of the 
gate-drain breakdown. The diode parameters are not 
chosen to describe physical phenomena but to provide 
the best average fit to the experimental breakdown 
characteristics. The remaining parameters of this model 
are linear with their usual physical interpretation [16]. 

The nonlinear gate-to-source capacitance is given by 

Cgs = Cgo( 1- ~J-O.S' for Vg < 0.8 Vbi (1) 

and for vg ~ 0.8 Vb; the plot of Cg/ vg) is approximated by 
a straight line with the slope equal to derivative dCgsl dug 
obtained from (1) at vg = 0.8 Vb;• The parameters that 
appear in (1) are Cg

0
, the gate-to-source capacitance for 

vg = 0, and Vb;, the built-in potential of gate function. · 
The current of the diode DJ is given by 

i 1 = I. [ exp ( a,vg )-1] (2) 

with the model parameters Is and ll'.
5

• 

The voltage-controlled current source id is described by 
the formulas [17] 

(3) 

(4) 

where Idss' ~ 0 , a, and y are the model parameters. In 
order to take into account the time delay between drain 
current and gate voltage, the instantaneous currenti At) is 
calculatedfrom(3)with vg= v/t- -r) and vd =c vd(t), where 
-r is the model parameter. 
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The gate-drain breakdown effect is modeled by ineans 
of the diode D,. The validity of such an approach was 
deduced from. results of the two-dimensional computer 
simulation [18] and from de breakdown characteristics 
measured for the transistors qf various types, e.g., 2N6680 
and 2SK273. The curre,nt in the diode D, is given by 

i,=: Is,[exp(as,vdg)-l] (5) 

where Is, and as, are the model parameters. It should be 
emphasized that the diode D, does . not represent any · 
forward-biased p-n or Schottky-barrier junction connected 
between the gate and drain terminals. Instead, the current 
in the diode D, approximates the breakdown current. For 
this reason, the parameters Is, and as, in (5) are quite 
different in their values froni the corresponding parameters 
Is and ·as in (2). As a consequence, for small and moderate 
gate-drain voltages (e.g., up to 5 V for low-power FET's) 
and negative gate-source voltages, the gate current as 
calculated from (5) is negligibly small. However, it in
creases considerably at larger gate-drain voltages. 

III. DETERMINATION OF THE MODEL PARAMETERS 

The model is characterized by a set of 24 parameters. 
Some of them are calculated from simple de measurements, 
while others are fitted to de and ac ckracteristics. 

The parasitic source and drain resistances Rs and Rd 
can be determined by de current and voltage measure
ments. Rs is found by passing a forward current le into 
the gate-source junctibn and measuring the resulting volt
age at the floating drain with respect tb the source [19] 

LiVDS 
Rs=~ 

G 
(6) 

where !l.Vvs artd fl.JG are the incremental values of drain
source voltage and gate ci.Irretit, respectively. As the resis
tance Rs depends slightly on the gate current JG; the 
average value obtained over a wide ratige of current can be 
°'sed: Similarly, resistance Rd is found by forward biasing 
the gate~drain junction and measuring the voltage at the 
floating source. . 

The gate resistance R g can be estimated from the mea
sured I - V characteristic of the gate-source real Schottky 
diode · 

. 1 . JG 
VGs=lcR+~ln-

1 as s 
(7) 

where R is the series diode resistance and Is, as are the 
parameters of (2). When IcR « a; 11:µ(IG/Is), i.e., for low 
forward current ic, the VGs can be approximated by a 
second term oil the right side of (7). The parameters I, and 

. as can then be obtained froni the linear portion of the plot 
ln/G versus VGs· Substituting the values of Is and as into 
(7), one can find the value of R from the le - Vas plot at 
high gate currents. Next, the gate-metalization resistance 
R g is estimated as in [19] 

(8) 

G 

s--~-~-------1-_____ J__,s 
Fig. 2. FET small-signal equivalent circuit. 

It was found from measurements that for gate-source 
voltage range VGs < ~ (the channel is pinched off regard
less of drain-source voltage) the. gate-drain breakdown 
current increases exponentially with 'increasing drain bias, 
and the breakdown characteristic does not depend 011. the 
voltage Vc;s• Plotting 1n i ,_ versus gate-drain voltage VvG, 
one can obtain .the parameters as, imd Is,· 
. The parameters Idss• VP"' a, and y are computer opti

mized to fit the de ID - Vvs characteristics calculated from 
(3) arid (4) to the measured ones in the triode and pentode 
regions, from zero up to breakdown voltage. Knowing the 
values o( Rs and Rd, the internal voltages vg and vd can 
be calculated for each pair _of external voltages VGs and 
Vvs by means of the Newton-Raphson method-it needs 
about 3-4 iterations for a given accuracy of 1 µ,V. The 
maximum error of this global fitting did not exceed a few . 
percent. 

The remaining parameters of the PET model are 
determined using the small-signal equivalent circuit of the 
device shown iri Fig. 2. The linear curr~nt source is 
described by the admittance 

Ym=gmexp(-)wr) (9) 
where gm is the transconductance at low frequencies. At 
the given quiescent operatJ.rig point, ·the values of the 
transconductance gm and the output conductance g are 
calculated as the di:airi current derivatives with respe:t to 
the gate-Source voltage and drain-source voltage, respec
tively, with the drain current described by (3). Next, using 
thes~ values of gm and gd together with the previou~ly 
obtamed values of Rs, Rd, and Rg, the remaining model 
parameters can be obtained by .means of the computer 
fitting of the calculated S-parameters to the measured data 
in a prescribed frequency rarige [20]. 

The set of MESFET model parameters determined for a 
Mitsubishi 2SK273 unit (maximum total power dissipation 
at 25°C ambient, Pr= 300 mW) USUlg the identification 
procedure as described above is given in Table I. The 
S-parameters were measured in the frequency range of 
2-10 GHz at the bias voltages of VGs = -0.75 V and 
Vvs = 4 V, which correspond nearly to the maximum 
power-added efficiency. The value of built-in voltage vbi 

was _assumed equal. to 0.8 V. Fig. 3(a) shows the measured 
de Iv - Vvs output characteristics of the PET used for 
ext~ac~ion _of the model parameters Idss• ~ 0 , a, arid y, 
while m Fig. 3(b) are shown the calculated characteristics 
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TABLE I 
MODEL PARAMETERS FOR A 2Siq73 MESFET DEVICE 

Rstohm] 

Rd[ohm] 

Rg(phm] 

Ri[ohm] 

ocJv-1] 

Is[nA] 

°'sr[v-1] 

Isr[nA] 

(a) 

(b) 

4.5 

4.5 

4.5 

10.0 

23.0 

1 .05 

1. 28 

6.50 

100 

80 

mA lo 

60 

40 

20 

0 

1dss [mA] 
v po [vj 

Cl(. [-] 

~[-] 

ego [PF] 

vbi [v] 

Cdg [fF] 

eds (PF] 

5 

75.0 Ls [nH] 0.1 

-1.78 Ld [nH] 0.2 

J. 35 Lg [nH] 0.2 

-0.11 ~[ps] 5.0 

o.64 Cpg [PF] o. 26 

o.ao Cpd [PF] 0.20 

26.0 Lpg (nH] o.67 

0.10 Lpd [nH) 0.61 

vG~=ov 

-0.5V 

-1.0V 

-1.5 V 
v .. 

5 10 V 

Vi=OV 

-Q5V 

-1.0V 

-t5V 

Vd 

10 V 
Fig. 3. (a) Measured (0 0 0) 141d calculated(--) de characteristics 

of a 2SK273 unit. (b) Calculated characteristics of the internal tran
sistor, including breakdown effects. 

of the internal transistor including the voltage-breakdown 
effect. 

IV. FET AMPLIFIER ANALYSIS 

A simplified block diagram of the FET amplifier under 
consideration is shown in Fig. 4(a) where Z

0 
= 50 ~, 

typically. One of the most important characteristics of the 
FET, which describes the power-handling capability of the 
device at a given frequency, is the dependency of the·power 
delivered to the load P

0 
on the input power P;, This is the 

so-called gain-saturation characteristic ( often used in prac
tical design procedures [6], [21]) which is measured with the 
input and output tuners adjusted for maximum P

0 
at a 

Zo 

,v 

INPUT 
TUNER 

INPIIT 
TI/NER 

OUTPUT 
TUNER 

(a) 

Vdg • 

r-----7 
I D.- I . 

(b) 

(c) 

OUTPUT 
TUNER 

E 

s· 

Fig. 4. (a) Simplified block diagram of an FET amplifier. (b) Large-sig
nal equivalent circuit of the amplifier. (c) Equivalent transistor 
terminating circuits. 

given P;, To simulate this with the digital computer, the 
MESFET model proposed in this paper was used. After 
combining these linear and lossless elements of the model 
that represent gate and drain parasitics with the imped
ances Za and ZL seen at the transistor terminals (see Fig. 
4(a)) one obtains a simplified equivalent circuit of the 
amplifier as shown in Fig. 4(b ). Dummy elements L and C 
in Fig. 4(b) represent, respectively, an open and short 
circuit at the signal frequency. Vas and VDs are the bias 
voltages, Zaa and ZLL are, respectively, the equivalent 
input and output terminating impedances. Their values can 
be easily calculated once the FET parasitics and the imped
ances Za and ZL are measured (see Fig. 4(c)). Jae stands 
for the input signal equivalent source. 

For given values of frequency, Jae, Zea, and ZLv one 
can calculate the response of the circuit of Fig. 4(b) using 
the harmonic balance technique. For its implementation, 
three nonlinear subnetworks were extracted from the 
amplifier equivalent circuit.. These are shown inside the 
dashed boxes in Fig. 4(b). The Fourier coefficients of vg(t) 
and vAt) have been chosen as independent variables in the 
harmonic balance routine [14]. The voltage vdg(t) 
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was expressed in terms of. vg and vd using Ohm's and 
Kirchhoffs laws. 

Having the fundamental components of vg and vd one 
can calculate the input power at the terminals A-A' (see 
Fig. 4(b)) and the output power at B-B'. Since the tuners' 
circuits and FET parasitics have been assumed. lossless, 
these powers are equal to P; and P

0
, respectively.'In order 

to calculate the power gain saturation characteristics, an 
optimization procedure was employed to find, for every 
given value of P;, the values of ZGG and ZLL that corre
spond to the maximum of P0

• An objective function was 
defined as 

E = abs(P; - Pt)+abs(K - Pn (10) 

where P; is the power available from the signal source, P/ 
is the actual power delivered to the amplifier input, K is a 
constant higher than any expected output power level, and 
P0

x is the actual power delivered to the load. Obviously, the 
quantities P/ and P

0
x in (10) depend on the terminating 

impedances and the objective function has its rrµnimum 
that corresponds to the imp~dances that match \~imulta
neously both the input and output ports of thef.FET. A 
program was written to calculate the power gain s~turation 
characteristics using the HP 9825A desk com#uter. A 
modified Davies-Swann-Campey direct-search njinimiza
tion procedure [13] and the modified harmonic .balance 
technique [14] were implemented in the program which 
occupies about 15k bytes of the computer memory. 

V. RESULTS 

To calculate the power gain characteristics of the 2SK273 
FET unit, the model parameters already specified in Sec
tion III are used. The parameters have been determined 
from the static 1-V characteristics and from the small-sig
nal S-parameters measured at the. frequencies up to 10 
GHz. On the other hand, the input signal .frequency is 
chosen J = .9.5 GHz in the present example. Then, the 
model validity is not checked at the harmonic frequencies. 
Therefore, in the final analysis, only the de component and 
the fundamental harmonic were used. However, this sim
plification does not generate a significant error, at least 
when the large-signal characteristics of an FET tuned 
amplifier are concerned, as can be seen lat~r. The 
Newton-Raphson algorithm combined with the harmonic 
balance method [14] requires 4-10 iterations to calculate 
the amplifier voltage response with an error less than 1 
mV, depending on the input power level. It takes about,10 
min of the HP 9825A computer time.to find value~,ofZGG 
and Z LL that match the simulated amplifier at .a given 
value of P;, 

In Fig. 5 ~re shown the calculated power saturation 
characteristics obtained for the impedances ZGG and ZLL 
matching the transistor at every given input power P;, The 
calculations were performed for Vns = 4 V and two values 
of gate-source voltage: VGs = - 0. 75 V and VGs = -1.25 V. 
For input power P;;?; 5 mW, the decrease in the transistor 
power gain is accompanied by a de gate current flow, as it 
is seen iri Fig. 5. This current consists of two components. 

mW Po 
VGs=-0.75 V 

80 0 

60 IG 

40 
0 

20 
0 

-i.'l5V -1 

0 Pt 
0 10 20 3,0 40 mW 

Fig. 5. Output power P0 and de gate current IG versus input power P;, 
Measurements (000), calculations(--), f = 9.5 GHz, and Vvs = 

4 V. 

mW ll, 
Vos= 5 V 

100 

80 

~o 

20 

o'-_...,.__ _ __._ __ .__~_P._,_ 
0 10 20 30 ' 40 mW 

Fig. 6. Measured (0 0 0) and predicted(--) power-saturated char
acteristics, f = 9.5 GHz and VGs = -0.75 V. 

The negative component represents the breakdown effect 
while the positive one is due to the forward conduction of 
the gate junction [22]. In the case of VGs = -0.75 V and 
small input power levels, the breakdown current dominates 
the forward cond.uction component, while for larger powers 
( P; ;?; 30 mW) the forward conduction is prevailing. In the 
case of VGs = -1.25 V, in the whole range of input power 
up to 40 mW, the de gate current is negative. Also shown 
in Fig. 5 are the results of measurements obtained using a 
load-pull technique [23]. Good agreement between theory 
and experiment is observed for the FET bias conditions as 
described previously. 

In Fig. 6 are shown the power saturation characteristics 
for VGs = -0.75 V and three values of drain-source voltage 
Vns = 3, Vns = 4, and Vns = 5 V. Some discrepancies be
tween the calculated and measured data are observed for 
Vvs = 5 V. These are attributed to the simplified descrip
tion of the breakdown phenomena in the FET model. 
Particularly; the dynamics of the breakdown mechanisms 
[24] must be included in the GaAs FET model. The 
mathematical model (5) is of an instantaneous nature, but 
in. general the breakdown effects may have time delays 
associated with them. 

For every given value of P; there exists a set of FET 
terminating impedances· that corresponds to a maximum 
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Fig. 7. Measured (0 0 0) and predicted (--) contours of constant 
· o~tput power on the load impedance plane, ZL/50 0, f = 9.5 GHz, 

Vvs = 4 V, Vcs = -0.75 V, and P; = 20 mW. 

ou~put .power. Putting K in (10) less than this maximum 
value, orie can calculate constant output power contours on 
tlie terminating impedances planes. These contours indi
cate how the output power of the FE1' varies as the 
function of the load impedance presented to it (see Fig. 
4(a)). This information is very useful in designing practical 
amplifier and oscillator circuits. Measured and. predicted 
contours of constant output power of the FET amplifier 
1.mder consideration are shown in Fig. 7, for P; = 20 mW, 
Vvs = 4 V, VGS = 0.75 V, and the impedance ZG (Fig. 4(a)) 
matching the amplifier's input: Considering the limited 
accuracy of impedance measurements at microwave fre
quencies, the agreement is very good. 

VI. CONCLUSIONS 

The reasonably simple and fairly accurate large-signal 
dynamic circuit-type model for a daAs MESFET that is 
appropriate for use m circuit design programs has been 
proposed. The identification procedure of the model 
parameters is based on the experimental characterization 
of the FET de current-voltage relationship and the 
frequency dependent small-signal S-parameters. The coin
puter analysis of a large-signal X-band FET amplifier and 
the measurements of its performance have confirmed the 
validity of the model, in which only four elements were 
assumed to be nonlinear, i.e., C

8
s, D,, D1, and id (see Fig. 

1). These elements predominantly represent the power gain 
saturation of the transistor. 

The model has been used to calcuiate the large-signal 
FET characteristics in the amplifier circuit with the use of 
a digital computer. The amplifier analysis method is based 
on the piecewise harmonic balance technique (12] with the 
originally recommended optimization procedure replaced 
by the Newton-Raphson computational scheme (14]. This 

modification considerably shortens the calculation tiine 
and enables us to perform an analysis and design process 
on the desk computer. Since nonlinear device operations as 
either power amplifiers and oscillators is quite similar, the 
FET characterization technique developed above for 
amplifiers can be readily carried over to meet oscillator 
design needs as well. 
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Short Millimeter Wavelength Mixer with 
Low Local Oscillator Power 

WILLIAM HANT, SENIOR MEMBER, IEEE 

Abstract - This paper discusses development, for the 240-GHz region, of 
whisker contacted diode mixers with LO powers between 10 and 50 µW. 
Mixer requirements for low parasitic diodes, situated in high-embedding 
impedance circuits are described and appropriate RF and IF c\rcuit designs 
presented. A capacitive post RF matching circuit for a full-height wave
guide is developed with superior bandwidth characteristics at high imped
ance levels and greater ease of fabrication than usual matching circuits in 
reduced height guide. Corroborating experimental results are presented for 
an X -band model and for a 235-GHz mixer. 

I. INTRODUCTION 

THE BEST MIXER performance within the 240-GHz 
region has been accomplished using whisker contacted 

Schottky barrier diodes situated in waveguide structures. 
The 1-10-mW LO power typically required for these 
fundamental mixers has usually been supplied by millime
ter-wave tubes and more recently by a frequency tripled 
whisker contacted Gunn oscillator1 with 2-mW output. 

Manuscript received February 9, 1984; revised August 28, 1984. 
The author is with Northrop Research and Technology Center, One 

Research Park, Palos Verdes Peninsula, CA 90274. 
1 The 0.5-dB insertion loss was measured with a fixed 750-Q resistor in 

place of the diode. This resistance is an average of diode resistance · 
measurements taken previously without the IF matching circuit. 

Reduction of the LO power requirements to levels achieva
ble with monolithic planar solid-state sources would sim
plify the system design and enhance the practicality of 
these mixers for tactical applications. This paper discusses 
the development of high-impedance room-temperature 
Schottky diode mixers with LO powers typically between 
10 and 50 µW. Included in the paper are a) the analysis of 
the mixer under low LO power operation, b) the use of a 
novel capacitive stub impedance transformer to provide a 
high-embedding impedance diode mount in full-height 
waveguide, and c)experimental results for both an X-band 
simulating model and for a mixer operated at 235 GHz. 

II. DIODE AND CIRCUIT REQUIREMENTS FOR Low 
LO POWERS 

The operation of mixer diodes at low LO power is 
conceptually no different than a mixer operating with the 
usual LO drive. In order to get efficient mixing, the LO 
voltage must be adequate to sweep the diode over a wide 
range of differential resistances. For millimeter-wave mixer 
diodes operating typically with ~ I-mW LO drive, this 

0018-9480/85/0002-0135$01.00 ©1985 IEEE 
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DIODE : CIRCUIT SOURCE 

Fig. 1. Simplified diagram for the mixer LO circuit. 

voltage sweeps the diode over the required range in the 
vicinity of - 50 Q. In order to achieve efficient mixing 
with low LO drive, one must adjust the diode bias so that 
the differential diode resistance is much greater than 50 Q. 
This paper describes the operation of a diode mixer at high 
impedances and the circuits necessary to match the incom
ing RF signal to the diode and the output IF signal to a 
conventional IF amplifier at - 50 Q. 

For operation at high impedances, one must pay particu
lar attention to the parasitic impedances of the diode in 
order to prevent loss of efficiency due to both LO power 
and signal power being absorbed or reflected there. Con
sider the simplified mixer LO equivalent circuit shown in 
Fig. 1 and assume sinusoidal LO voltage excitation. The 
diode is represented by nonlinear resistance RP, by nonlin
ear junction capacitance S, and by series resistance Rs· 
The LO voltage Vi across the diode must exceed a mini
mum value so that the mixer diode is in a sufficiently 
nonlinear region where the RF signal input power is effi-. 
ciently converted to the IF output. Under ideal conditions 
with no parasitics ( CJ, Rs = 0), the required V1 could be 
achieved at very low LO power by making RP very large. 
With parasitics, part of the LO power incident on the 
diode is diverted by CJ and dissipated by R

5
• The relation

ship between PLO the power absorbed by the diode, PRP 
the modulation power required by RP, and PRs the power 
wasted by Rs is given by 

PLO= PRP + PRS (1) 

where PRP = Vi1/2RP, PRs = 0.5Vi1R/R;; 2 + wi0S2
), 

wLO = LO frequency. Note that since the lower limit for Vi 
is fixed by the diode nonlinear conversion characteristics, 
power loss PRs for high RP is controlled by wf0 S2R

5 • The 
quantity wi0 S2R 5 is thus a useful figure of merit, depen
dent on LO frequency and diode parasitics, that should be 
minimized for the diode selection of low LO power mixers. 

A computer analysis was performed to determine the 
required diode embedding impedances and bias conditions 
necessary for minimizing conversion loss at low LO power 
levels. The analysis assumes wide-band single-ended Y 
mixers with exponential diodes and uses well-known ex
pressions for the RF and IF circuits such as given by Saleh 
[2] and McColl [3]. An expression for the effective value of 
CJ given as a function of Vi and the bias voltage is derived 
in the Appendix. In order to obtain realistic estimates of 
the LO power requirements, we chose characteristics of 
commercially available low-parasitic Schottky barrier di
odes. Calculations were performed for f LO = 235 GHz using 
the manufacturer supplied specifications of Rs = 10 n, 
CJo = 2x10- 15 F for 1-µm-diam Millimeter Wave Tech-
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Fig. 2. (a) Diode RF source resistance R1 and (b) IF load resistance R 2 
versus LO power for constant bias voltages (C;o = 2x10- 15 F, R, =10 
fl, Fw = 235 GHz). 

nology SD0l 7 diodes. It was assumed that the RF source 
resistance R1 matches the diode at the LO frequency and 
that the IF load resistance R 2 matches it at the IF. Fig. 
2(a) shows the relationship between R1 and LO power 
calculated for different bias voltages. 

The optimum operating conditions for fixed LO powers 
are obtained by means of the contour lines for constant 
conversion loss. For example, given an available LO power 
PLO of -20 dBm (10 µW), Fig. 2(a) indicates that the 
lowest conversion loss L of 5.9 dB occurs for R1 =:: 950 Q 

at bias voltage V0 = 0.6 V. For PLO= -14 dBm, the lowest 
conversion loss of 4.5 dB occurs for R1 =:: 800 n. The 
corresponding matching resistance R 2 for the IF circuit 
obtained from Fig. 2(b) are 1200 and 1000 n, respectively. 
The above results show that mixers built with low-parasitic 
diodes are capable of good conversion loss at low LO 
powers, provided that the diodes are situated in RF and IF 
circuits of appropriately high-embedding impedances. 

Ill. DESIGN OF HIGH-IMPEDANCE CIRCUITS 

Matching of the mixer diode to the waveguide at the 
signal and LO frequencies was accomplished by means of a 
capacitive post matching scheme that is well suited for high 
impedances. Fig. 3(a) shows a waveguide cross-sectional 
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Fig. 3. RF matching circuit for the 235-GHz mixer. (a) Sectional view 
of waveguide. (b) Equivalent circuit at LO frequency. 

view of the diode and RF matching network. The bottom 
surface of · the diode chip is attached to a micros trip RF 
choke circuit that reflects the RF signals and passes the IF. 
The top surface contains a large array of Schottky barrier 
diodes. Contact to one of the diodes occurs by means of a 
bent whisker whose tip has been etched to the diode 
diameter. The other whisker end is attached to a circular 
cylindrical capacitive post that _is centered on the broad
wall of the waveguide. RF power at the signal · and LO 
frequencies is incident on the mixer from one end of the 
full-height waveguide. The other end is terminated by a 
variable backshort that is used for tuning the mixer. An 
important feature of this circuit is the broad-band behavior 
of the capacitive post. Because of its close proximity to the 
diode, the post is an effective and wide-band matching 
element that tunes out reactances caused by the diode 
parasitics and whisker inductance. In addition, this full
height waveguide mixer is easier to fabricate than typical 
millimeter-wave mixers situated in a reduced height guide 
[4] because it eliminates the need for a waveguide trans
former and utilizes a larger backshort. 

Electrical design of the RF matching circuit was per
formed by means of the equivalent circuit shown in Fig. 
3(b ). Circuit elements referred to the diode centerline were 
obtained in the following manner. Using measurements of 
the diode I - V characteristics and zero-bias capacitance as 
input conditions for the mixer analysis program, we de
termined the circuit source resistance R1 and diode param
eters RP, c;, and Rs necessary for low LO power oper
ation. Inductance Lw of the whisker was calculated by 
means of an approximate formula, given by Sharpless [5], 
for a thin wire situated at the center of the waveguide. 

The capacitive post was represented as follows. Typi
cally, the equivalent circuit for the driving point impedance 
at the bottom of a post in a waveguide consists of a 
reactance to represent the gap, in series with an inductive 
reactance to represent the post. The analysis by Eisenhart 
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Fig. 4. Matching circuit and conditions for match. (a) Equivalent cir
cuit. (b) Rg2/RT versus XL/XcT· 

and Khan [6] suitable for thin posts with post diameter to 
waveguide width ratio d/a < 0.14 indicates that the induc
tive reactance of the post decreases as d / a increases. 
Based on these results, we assume that, for the large post 
diameter to waveguide width ratio ( d / a "" 0.4) used in this 
design, the inductive post reactance is small compared to 
the gap reactance. The equivalent circuit is thus approxi
mated by a single gap reactance. The gap reactance is 
interpolated from experimental results of post reactances 
in waveguide given by Marcuvitz [7]. Marcuvitz represents 
the post by a T network consisting of reactance Xa and 
two equal reactances Xb that are in series with the equiv
alent impedances contributed from both sides of the wave
guide circuits. The· millimeter-wave mixer is designed with 
post height to waveguide height ratio l/b = 0.45 for which 
the reactance to waveguide impedance ratio _ Xb/ R 

8 
is 

small and Xa/R 8 = -0.55 is approximately constant over 
the center of the waveguide band. For these conditions, the 
capacitive post can be approximated by reactance Xa. 

In order to ascertain the relative importance of the 
different circuit elements in effecting the match, consider 
the reduced equivalent-circuit diagram shown in Fig. 4(a). 
Here the diode elements RP' C1, ·Rs' and the whisker 
inductance Lw of Fig. 3(b) are replaced by diode equiv
alent resistance Rr, by diode capacitive reactance Xcr, 
and by whisker inductive reactance XL. Note also that for 
a perfect match and with no assumed circuit loss, RT= R1. 

The remaining impedances in Fig. 3(a) consisting of the 
mount and backshort reactances Xa and X8 s and wave
guide impedance R

8 
are replaced in Fig. 4(a) by reactance 

Xc 2 in parallel with resistance R 82 • 

To determine how the circuit of Fig. 4(a) is to be 
matched, consider which circuit elements are variable. Since 
RT and Xcr are functions of the diode characteristics, they 
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are fixed. Also, for a given LO frequency, Rg2 is fixed. The 
match is accomplished by adjusting the whisker length to 
change XL and the capacitive post dimensions and variable 
backshort location to change Xc2• A design goal for 
achieving an optimum LO tuning bandwidth is to choose 
the dimensions of the whisker and capacitive post so that 
the backshort is a quarter guide wavelength from the diode 
and X8 s - oo. Design curves to determine the circuit val
ues required for a match are given in Fig. 4(b ). 

The purpose of the IF matching network is to transform 
the 50-Q input resistance of the IF amplifier to R 2, the 
mixer output resistance. In parallel with R 2 is an equiv
alent capacitive reactance due to the RF choke which also 
must be considered in the matching. We can use a 7T 

matching circuit for the IF impedan~e transformation as 
was done for the RF match. Using the circuit shown in Fig. 
4, we let Rr represent the diode resistance R 2 and R g 2 

represent the input resistance of the IF amplifier. Reac
tance Xcr represents the parallel combination consisting 
of two capacitive reactances. One reactance is for the RF 
choke and the other for a capacitor C1 that is added to the 
circuit to optimize bandwidth. Reactance XL represents 
inductance L1 of the IF circuit. Reactance Xc2 is needed 
to complete the impedance match. The bandwidth of the 
IF matching circuit typically exceeds 40 percent. The cir
cuit was implemented on quartz substrate by means of 
hybrid integrated-circuit elements [8]. 

IV. MIXER EVALUATION 

Because of mixer fabrication problems and difficulties in 
instrumentation at 235 GHz, much of the experimental 
evaluation was performed on an X-band model. Despite 
slightly higher parasitics, the X-band model simulates most 
of the important features of the 235-GHz device. These 
features include high-embedding impedance, the same 
full-height RF matching scheme with a capacitive matching 
post, and similar RF choke and IF matching networks 
using microstrip and hybrid integrated circuits. For the 
model mixer shown in Fig. S(a), a small packaged diode 
and pin replace the diode chip and whisker of the 235-GHz 
mixer shown in Fig. 3(a). The additional diode package 
capacitance and pin inductance do not significantly effect 
bandwidth and can be compensated for by the capacitive 
post and the backshort. Circuit parameters, conversion 
loss, and bandwidths calculated for P w = 10 µW are com
pared in Table I for the 235-.GHz and X-band model 
mixers. Results indicate that conversion loss is quite com
parable and the figure of merit wf 0C/ Rs is slightly worse 
for the X-band model. Note also the difference in effective 
diode resistance to capacitive reactance ratio Rr/ Xcr for 
the two devices. This difference occurs primarily because of 
the diode parameters and accounts for the larger RF 
bandwidth of the 235-GHz mixer. The IF circuit for the 
235-GHz device was frequency scaled from the X-band 
model circuit that matches to R 2 = 770 Q. The scaled 
circuit is thus mismatched to R 2 = 1200 Q required by the 
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Fig. 5. RF matching circuit for the X-band model mixer. (a) Sectional 
view of waveguide. (b) Equivalent circuit at LO frequency. 

TABLE I 
COMPARISON OF CALCULATED CHARACTERISTICS FOR THE 235 GHz 

AND X-BAND MODEL MIXERS FOR Pw = 10 µ,W 

235 GHz Device X-Band Model (9.96 GHz) 

(Mi 11 imeter Wave T echno 1 ogy (A 1 pha 6600 Di ode) 
SD0!7 Diode) 

LO Power ( dBm) -20 -20 

LO frequency \o (GHz) 235 9.96 

Bias Voltage (V) 0.6 0.55 

Figure of Merit 3.5 X !0-4 7. 9 X I0- 4 

"\.o\2Rs 

LO frequency xer = -172 xer = -35.6 
Circuit Reactances (.1) XL = 275· XL = 75.3 

Xe2 = -118 Xe2 = -39.9 

Diode Impedance Ratio -5.29 -13. 5 
Rr/Xer (Figure 4) 

Conversion loss (dB) 5.9 6. J 

3dB RF Bandwidth (%) 19 

1.F. frequency (MHz) 750 30 

Diode I.F. Resistance 1200 770 
R2 (:J) 

3d8 I. F. Bandwidth (%) 43 54 

I. F. Circuit Reactances ( .1) XeHOKE = -1061 XeHOKE = -!06! 

Xe! = -241 Xe! = -241 

\1 = 188 \1 = 188 

Xe2. = -196 Xe2 = -196 

235-GHz device, and as a consequence has slightly nar
rower IF bandwidth than the model mixer. 

V. X-BAND MODEL MIXER 

·The X-band model mixer, shown schematically in Fig. 6, 
consists of two parts: a printed circuit part that includes 
the RF choke, IF matching network, and bias feed, and a 
waveguide part that contains the backshort, capacitive 
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Fig. 6. Schematic for the X-band model mixer. 

TABLE II 
SUMMARY OF DIMENSIONS AND DIODE PARAMETERS FOR THE 

MIXER Exl'ERIMENTS 

Waveguide 

Capacitive Post 

Whisker 

, 
RF Choke 

Diode 

X-Band Model (9,96 GHz) 

Height b = .400 in. 
Width a = .900 in. 

Diameter d = .360 in. 
Length 1 = .245 in. 

Straight pin 
d = • 013 in; 1 = • 050 in 

4 52:1 sections 
.220 X . 150 in. 

3 110,1 sections 
.044 X .134 in. 
.117 in. quartz substrate 

Alpha 6COO 
Package d = .085 in. 

1 = • 105 in. 

Measured Diode Pairameters 

isat = 1.81 X 1~;;14A; R = I. 7.1 
CjO = 9.2 X W F s 
n {ideality) = 1.22 

235 GHz Device 

b = .0215 in. 
a = .043 in. 

d = .0172 in. 
1 = .0097 in. 

Bent AuNi wire 
d = .001 in. 

4 52.J · sections 
.009 X .0064 in. 

3 110.1 sections 
.0019 X .0057 in. 
.005 in. quart+ substrate 

Mi 11 imeter Wave Technology 
S0017 

Chip .010 X .010 X .004 in 
(I micron diode1) 

Ml!!asured Diode Parameters 

isat = 8.39 X 10-l/A 
R5 , 14.8.1 

5 cj ·= 4 X 10-l F(with LO power) 
n = I. 33 

post, arid the pin-contacted packaged d1ode. The RF choke 
was fabricated on quartz micrdstrip and utilizes four 
quarter-wave sections of 110 .Q and 52-Q 1mpedance. Mea
sured insertion loss was greater than 30 dB over the LO 
tuning bandwi_dth of the mixer. Details of the circuit 
dim•ensions and diode parameters are given in Table II. 

The IF matching circuit, consisting of hybrid circuit 
capacitances Ci, C2 and inductance L 1, was fabricated oil 
a quartz substrate using copper tape applied to both 
surfaces of the quartz. Physical location of the comj:,orterits 
and the circuit shielding were empirically adjusted to yield 
a minimum insertion loss of less than 0.5 dB1 and an IF 
bandwidth of 45 percent. 

The RF match to the diode was obtamed semi-empirically 
by optimizing length / of the whisker pin. From waveguide 
admittance measurements taken for a circuit with dimen
sions obtained from the theoretical model 2 of Fig. 5, we 
noted that the diode was initially matched near / == 11.0 
GHz. This match was then shifted toward the waveguide 
band center near / = 10.1 GHz by increasing / from 0.026 
to 0.045 in. The resulting measured admittance for differ
ent frequencies is shown in the Smith Chart plot of Fig. 7 
for backshort positions of optimum match and for infinite 

2 For the model mixer 1/b = 0.61. Based on Marcuvitz's resuits, the 
representation of the capacitive post by X0 for this case may be less 
accurate than for the millimeter-wave mixer with / / b = 0.45. 

Fig. 7. Measured admittance for the X-band model mixer. 

ai 
~ 
w 
!!'i .. 
u: 
w 

9 

~ 7 
z: 

~ ., ., 
..9 
z 
0 

"' 5 
"' w 
> z 
s 

-28 

•Lo • 10,l GHz 

t1F • 3ii IIHz 

FI F = 2, 0dB 

.I 
I 

I , 
l 

/NotSE flliURE 
,,/ 

.,,,,,,,' 

-20 -12 -If 
LD POlll'.R e!Bllll 

139 

Fig. 8. Measured conversion loss and noise figure versus LO powet for 
the X-band model mixer. 

backshort reactance. Note that this match approaches the 
desired condition, stated earlier, that the backshort should 
not contribute significantly to the match. 

The IF signal was amplified by means of. a General 
Radio GR 1236 amplifier with 2-dB noise figure. The 
mixer noise figure was measured using a conventional 
HP342A noise-figure meter and 10 000°K argon plasma 
noise source. Measured results of conversion loss and noise 
figure versus LO power shown iri Fig. 8 indicate the 
excellent performance at low LO powers. For example, 
iioise figures of 6.2 dB can be achieved for - 20 dBm (10 
jJ,W) of LO power and 5.2 dB for -16 dBm (24 µW). Of 
interest also is that conversion lOf<'. improves with increas
ing LO power, while noise figure requires an optimum LO 
drive. At lower drive levels, noise figure is limited lJy 
deterioratirig conversion loss and at higher drives may be 
limited by an increasing effective diode noise or by side
band noise from the LO. 

Mixer RF bandwidth characteristics, obtained with a 
fixed backshort location, are shown in Fig. 9 for different 
LO drive levels. A typical 3-dB LO tuning bandwidth for 
- 20 dBm (iO µW) is 4.6 percent for a fixed backshort 
location, and over 10 percent with backshort tuning. These 
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Fig. 9. Measured noise figure versus frequency for the X-band model 
mixer with fixed backshort. FIF = 2.0 dB. 

bandwidths agree with theory. Results for the X-band 
model mixer experiment verify the expected good low LO 
power performance and demonstrate both the effectiveness 
of the full-height waveguide RF matching technique and of, 
the hybrid IC matching circuit for the IF. 

VI. 235-GHz MIXER 

The schematic for the 235-GHz mixer resembles that of 
the X-band _model mixer of Fig. 6, except that the diode 
chip and whisker replace the packaged diode . and pin. 
Circuit dimensions and diode parameters for the two mixers 
are compared in Table II. Both the RF choke with 52-Q 
and 110-Q microstrip sections and the IF matching net
work with hybrid planar capacitors and inductors were 
directly scaled from the similar circuits designed and tested 
for the X-band model. Circuit patterns consisting of 200-A 
titanium and 2.5 µm of gold were deposited on 0.127-mm
thick quartz substrates using standard photolithographic 
techniques. The diode chip, fabricated by Millimeter Wave 
Technology and consisting of a large array of 1-µm-diam 
diodes, was soldered on the RF choke. Contact to an 
individual diode was accomplished by means of a 0.254-
mm-diam nickel gold whisker that was etched to a 1-µm tip 
diameter. Fig. 10 shows a photomicrograph of the whisker 
diode contact. The waveguide was mechanically tuned by a 
contacting backshort. The backshort is a CT-shaped beryl
lium copper plunger slitted along the longitudinal dimen
sion to assure several point contacts with the waveguide. 

The mixer waveguide portion was machined from two 
blocks that mate asymmetrically among the broadwall di
mension of the waveguide, according to ~- technique dis
cussed by Kerr et al. [9]. In order to facilitate assembly, 
one block includes the capacitive post, diode assembly, RF 
choke, and IF and bias circuits shown in Fig. 6. The other 
block completes the waveguide and acts as a cover plate for 
the printed circuit. 

Noise-figure measurements were taken using the setup 
shown in Fig. 11. The setup includes a mechanical <;hopper 
wheel and a 20-dB standard gain horn connected to a 

Fig. 10 Photomicrograph of the whisker diode contact. 

0 CRYSTAL . I DETECTOR 

vW\, (:.: CHOPPER 

V ~ FREQUENCY 
JMETER 

KLQ:-f~rF-----t 
ATTENUATOR 

I.F, 

BIAS 

Fig. 11 Simplified RF schematic of the noise measuring setup for the 
235-GHz mixer. 

directional coupler at the mixer input. The chopper wheel 
was covered with Emerson and Cummings AN72 absorber 
material (except for the cut outs) and chopped at a rate of 
- 100 Hz. A hot load consisting of an infrared thermal 
source Infrared Industries Model 406 with a 1-in aperture 
cone was used. The effective temperature of this source was 
970°K.3 LO power from aVRT 2123A Varian Klystron at 
117.6 GHz, doubled by using a MV-38-37 Custom Micro
wave frequency doubler, was applied to the mixer through 
an attenuator and a directional coupler. The first IF 
amplifier was a 500-1000-MHz MITEQ AM-3A-0510 with 
NF= 1.8 dB. In order to minimize extraneous noise intro
duced from the chopper motor, the IF signal was trans
lated to 30 MHz by means of another mixer. Finally, the 
IF signal was applied to a crystal detector and measured 
with an Ithaca amplifier. 

· A problem encountered in the measurement of the mixer 
characteristics was that no direct means were available for 
measuring power at 235 GHz. The discussion below sum
marizes the technique used for estimating LO power and 
presents measured diode characteristics and noise-figure 
results. Estimates of the LO power incident on the mixer 
diode during the noise-figure measurements were obtained 
from the mixer diode de bias voltage and current as 
measured with and without RF drive. From a simple 
analysis of the mixer diode exponential I -V characteristic, 

3Toe 970°K effective noise-source temperature was obtained from 
calibration measurements taken with another mixer using this source and 
a cold source at LN2 (77°K) temperature. The hot source was used for 
this experiment in order to obtain a larger signal from the noise source. 
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Fig. 12. (a) Measured diode resistance, (b) diode powers, and (c) double 
sideband noise figure versus bias voltage for the 235-GHz mixer. 

one calculates [2] 

10 = isa,exp(SV0 )/1(SV1) 

PRP = isat V1 exp(SV0)/1(SV1) 
•, 

(2) 

(3) 

where / 0 is the measured de bias current, V0 is the mea
sured de bias voltage, and / 1 ( ) is the modified Bessel 
function. 

Diode parameters isat, S, and Rs were obtained from 
the measured diode de characteristics. One can calculate V1 
by substituting into (2) measurements of / 0 taken at con
stant V0 with arid without LO power. PRP is then obtained 
from (3) and RP from (1 ). PLO and S were obtained by 
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substituting into (1) values for Vi and PRP that were 
measured at the same LO power and at two different bias 
voltages. The variation of S with bias voltage was calcu
lated using (A8). LO power incident on the diode was 
obtained from PLO · and the measured power· reflection 
coefficient. 

Within the accuracy of these measurements, Rs = 14.8 Q 
(no LO power)4 and S = 4X 10-15F (maximum LO power) 
agree with the manufacturer's specifications. Because of the 
high insertion loss of waveguide components preceding the 
mixer, and probably also because of low doubler conver
sion efficiency, LO power incident on the mixer was limited 
to ~ 13 µW. Fig. 12 depicts the variation with bias voltage 
of diode input resistance RP, diode powers PRP, PRs, and 
double sideband noise figure. With the maximum available 
LO power of 13 µW, the lowest measured noise figure for 
f LO= 235.2 GHz was 11.5 dB. This noise-figure measure~ 
ment occurs at the same V0 = 0.875 V that was calculated 
for lowest conversion loss. The diode to full-height wave
guide match with measured power reflection coefficient 
IPl 2 = 0.23 was adequate and consequently was not further 
optimized. Based on theory, it is expected that noise figure 
can be improved substantially if LO power incident on the 
mixer can be increased from 13 µW to about 40 µW. 

VII. CONCLUSION 

This paper has shown that single-ended whisker con
tacted millimeter-wave mixers can operate well at low LO 
powers provided that the mixer diode parasitics are low 
and the diode is situated in RF and IF circuits with 
appropriately high-embedding impedances. A capacitive 
post matching scheme situated in a full-height waveguide 
was described which is relatively easy to fabricate at short 
millimeter wavelengths and is suitable for high-impedance 
operation. Experimental results obtained on an X-band 
simulating model and on a 235-GHz mixer corroborate the 
theoretical findings. 

APPENDIX 

An expression for S, the effective junction capacitance 
for the diode, may be obtained as follows. The junction 
capacitance Cj; for a Schottky barrier on a uniformly 
doped semiconductor is given by 

cji = Socf>l/2( cf,- v)-1/2 (Al) 
where 

kT 
cf,=Vbi-q 

Cj0 is the zero voltage junction capacitance, 
built-in potential, and V is the applied voltage. 

The current i c through Cj; is obtained from 

. dV dC1; 
le=½; dt+Vdt 

dV( dS;) = dt CJ; + V dV . 

Vb; is the 

(A2) 

4 The inclusion of skin effect in the calculations would increase Rs by 
about 2.5 fl [10] and decrease ½ by less than 10 percent. 



142 IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. MTT-33, NO. 2, FEBRUARY 1985 

The applied voltage across the diode 

V = V0 + V1 coswwt 

reviewers for their suggestions to improve the clarity of this 

(A3) paper. 

where V0 is the bias voltage and V1 is the LO voltage. 
Substituting (A3) and (Al) into (A2), the result is 

. _ v 112c . [ ( v; v )-112 l C - - 1 w Locf> JO sm w Lot cp - 0 - 1 cos w Lot 

05v( ) -3/2 ] ( ) + . 1 cf>..,.. V0 - Vi cos wL0 t coswL0 t . A4 

Average power dissipation PRs by the diode resistance Rs 
is obtained from 

1 12,,_2 ( ) 
PRS = -2 lsRsd WLot 

'TT O ' 
(A5) 

where is = i c + i P, with is the current through Rs and i P 

the current through R p· 

For typi~al low LO P?~er operation, RI is sufficiently 
large to satisfy the cond1t10n that (wwS) » R; 2 or that 

licl 2 » lipl 2
-

Thus, (A5) becomes 

1 12".2. ( ) PRS::::: -2 lcRsd WLot . 
. 'TT 0 

(A6) 

By equating PRs from (A6) with the expression given by 
(1) in the text and solving for c;, we obtain 

C = ~ 0 lcRsd Wwt 

[ 

1 12".2 ( ) 11;2 
1 

O.Swi0 RsV/ 
(A7) 
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Short Papers 

Exact Wave Resistance of Coaxial Regular Polygonal 
Conductors 

RYUITI TERAKADO 

Abstract - There are various cases in which one can evaluate exactly the 
wave resistance of coaxial conductors such that each of the inner and outer 
conductors is a regular polygon. They are obtained by conformal mapping 
using complete elliptic integrals. Such typical examples each with exact 
wave resistances are shown. 

I. INTRODUCTION 

Transmission lines formed by regular polygonal coaxial inner 
and outer conductors whose wave resistances can be determined 
exactly are useful as a standard of approximation for the wave 
resistances of various transmission lines [1]-[3]. In this paper, we 
consider coaxial conductors whose cross section of either the 
inner or outer conductor is an equilateral and equiangular poly
gon. 

The dielectric medium is taken to be free space. 
If the cross section of a regular polygonal coaxial conductor 

has n mirror symmetric lines, we divide the cross section into 
symmetrical 2 n parts. Let R0 denote the two-dimensional geo
metrical resistance between the inner and outer conductors of the 
partial region. Then the wave resistance of the coaxial line can be 
written 

R = R 0 R0 /2n 

where R 0 = 120'17 = 377 0. 
The symbols of radii used in this paper are as follows: 

(1) 

r1 radius of circle circumscribed about an inner conductor ( r1 =1 
in all cases), 

r2 radius of circle inscribed in an outer conductor, 
r3 radius of circle inscribed in an inner conductor, 
r4 radius of circle circumscribed about an outer conductor. 

II. EQUILATERAL AND EQUIANGULAR POLYGONAL INNER 

CONDUCTOR 

In Fig. 1, A is the middle point and B is the end point of a 
side of an inner equilateral and equiangular polygon of a cross 
section. Let O denote the center of the regular polygon. Points C 
and D are placed, respectively, on the lines OB and OA. Further
more, point D is located on the line bisecting LABC. Point C is 
determined by the relation of two right-angled triangles liBAD = 
ti BCD. Then the quadrilateral ABCD can be mapped confor
mally to a semi-circle based on its symmetry. The procedure is as 
follows. We regard point B of each region, that is, the quadri
lateral ABCD and the semi-circle ABCD, as a source of lines of 
electric force, and regard the part ADC of the circumference of 
each region as a sink. In the semi-circle, any radius coincides then 
with a line of electric force. In the quadrilateral, however, it is not 
simple to draw exactly all of the lines of electric force. The three 
segments BA, BD, and BC coincide with lines of electric force, 

/ 
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Fig. 1. Coaxial regular polygon cross sections with the modulus of geometri
cal resistance: 1/,/i. 

and it is clear that these lines of electric force·correspond to the 
same lines of the semi-circle. The geometrical resistance R0 

. between AB and CD can be obtained by the successive confor
mal mapping of the semi-circle to a half-plane [4]. 

In Fig. 1, the modulus of the complete elliptic integrals K(k) 
and K ' ( k) for geometrical resistance is k = l / v'2, and RO = 
K'(k)/K(k)=l is clear. Therefore, the wave resistance of the 
type of Fig. 1 having an equilateral and equiangular polygonal 
inner conductor with n side is 

R = R0 /2n. (2) 

Moreover, Fig. 1 shows concrete examples for n = 2, 3,- · ·, 6. In 
this case, an outer polygon becomes necessarily an equilateral 
and equiangular polygon. Accordingly, taking radius r1 = 1, other 
radii are expressed as follows: 

r2 =1+sin'IT/n r3 =cOS'IT/n r4 =tan(n+2)'1T/4n. (3) 
- -- ----

In Fig. 2, LABC is divided into three equal angles, and the 
three right-angled triangles are geometrically equal. The geomet
rical resistance can be obtained using complete elliptic integrals 
for modulus k = If /2 

K'(lf /2) 
R0 = r:, ) = 0.7817010. ( 4) 

K(v3 /2 

The wave resistance becomes 

R = 0.7817010R 0 /2n. 

The radii are expressed as follows: . 

sin2 
( n + 2) 'IT/3n 

rz = sin( n -1) '1T/3n 

sin( n + 2) '1T/3n 
r = 2 sin( n -1) 'IT/3n 

r3 = cos 'IT/n 

_
1 

sin'IT/n 
r4- + ( ) . sin n - l '1T/3n 

(n.,; 4) 

( n;;;. 4) 

(5) 

(6a) 

(6b) 

( 6c) 

(6d) 

In this case, an outer polygon is not equiangular except n = 4. 

0018-9480/85/0002-0143$01.00 ©1985 IEEE 
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f geometrically equal right-S1.milarly, in Fig. 3, having our 
angled triangles, we obtain 

K'( {i+f[ / 2
) = 0.6806342 

Ro= K( /2+,fi. /2) 

sin(3n+6)'1T/8n 
' 2 = sin(3n -2)'1T/8n 

r3 = cos 'IT/n 

~------~si:-n22-:='1T-:;/:-:n-

r4 = 1+2sin'IT/n+ sin2(3n-2)'1T/8n 

(7) 

(8a) 

(8b) 

(8c) 

. ran ement of three geometrical!~ ~qual right-
In Fig. 4, the ~ . g Fi 2 having similarly three 1 d triangles is different from g. 

ang e . all al right-angled triangles. It becomes geometnc Y equ 

_ K'(l/2) =1.2792616 
Ro - K(l/2) 

'2 = (1 + 2sin'IT/n) sin( n +2) '1T/4n (n ~ 6) 

r2=tan(n+2)'1T/4n (n~6) 

r3 = COS'IT/n 

r4=tan(n+2)'1T/4n (n~4) 

, 4 =1+2sin'IT/n ( n ~ 4). 

(9) 

(10a) 

(10b) 

(10c) 

(10d) 

(10e) 

L AND EQUIANGULAR POLYGONAL Ill. EQUILATERA 

OUTER CONDUCTOR 

. B are laced on a side of an outer 
In Fig. 5, pomts _A ru;: ol !. Three geometrically equal 

equilateral and eqwangu P y~ und point B towards the 
right-angled triangles ~e- arrange aro ·stance is similar to that 

Th th d denvmg the wave resi 
inside. e me 

O 
. 1 1 onal inner conductor. 

of an equilateral and e~wangu ~ J~ :;mi-circle in Fig. 5 is equal 
The geometrical resistance o th wave resistance of Fig. 5 is 

to that in Fig. 2. ~~refore, ~ r are as follows: 
equivalent to (5). Radii '2' r3' an 4 

1 [ sin(2n -4)'1T/3n] 
'2 = 2 l+ sin(n -2)'1T/3n 

. ( + 1) 'IT/3 n [ sin 'IT /n ] sm n 1- . ) 
3 r3 = sin(n -2)'1T/3n ~m(2n -2 'IT/ n 

sin( n + 1) '1T/3n 
r4= sin(n-2)'1T/3n 

IV. APPLICATIONS 

(lla) 

(llb) 

(llc) 

F 6(a) has a regular octagoFig. 6 shows different examples._ ig. lines· however the outer 
·th eight mirror , ' 

nal inner conductor W1 . 1i It results from two geomet-
conductor has only four mirror nes. 
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(a) (b) 

(c) (d) 

Fig. 6. A family of polygon cross sections suited for the same rule as the 
preceding figures. 

rically equal triangles not arranged on a half side but on a whole 
side of the inner regular octagon. Furthermore, two geometrically 
equal triangles are not right-angled. The exact wave resistance 
becomes (because R0 =l) 

R = R0 /8 

and r2 = 1. 765 and r4 = 4.262. 
Fig. 6(b), having five geometrically equal right-angled triangles, 

is symmetrical with three mirror lines, though the inner regular 
hexagon has six mirror .lines. The exact wave resistance is 

l K'(k) 
R = 6 K( k) R 0 = 0.09298R0 

where 

k= 
2( cos w/5-cos3w/5) 

( )( ) 
= 0.9713. 

l-cos3w/5 l+cosw/5 

The radii are r2 = 1.5 and r4 = 2.0: 
In Fig. 6(c), two geometrically equal triangles are not right

angled, and they are arranged on a whole side of the outer regular 
octagon. This case can be considered to be the inversion of Fig. 
6(a). Therefore, the exact wave resistance is the same as Fig. 6(a). 
The radii are r2 =1.631, r3 = 0.4142, and r4 =1.765. 

In Fig. 6( d), both of the inner and outer conductors are not 
equiangular polygons. This case is considered as a slight variation 
for n = 3 of Fig. 2 having three geometrically equal right-angled 
triangles. The wave resistance is equal to Fig. 2 because the 
procedure of mapping to a semi-circle is similar to Fig. 2. Fig. 
6(d) has R = 0.l303R0 , r2 =1.609, r3 = 0.5877, and r4 ,;,, 2.433. 

V. CONCLUSION 

Some shapes of coaxial inner and outer regular polygonal 
onductors can be exactly evaluated on their wave resistance. 

The following special cases of this paper coincide with Wheeler 
[l]: 

Herein Wheeler 
Fig. l n=2 Fig. 23 

n=3 25 
n=4 25 

Fig. 2 n=2 26 
n=4 26 

Fig. 3 n=2 26. 
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Analysis of the Transmission Characteristics of 
Inhomogeneous Grounded Finlines 

ADALBERT BEYER 

Abstract - This paper describes a concept for an efficient design of 
finline tapers that is especially useful in cases when certain quantities have 
been prescribed with respect to reflection loss and bandwidth. Since abrupt 
discontinuities are neglected, the analysis is applicable to smooth finline 
tapers only. 

Various contour functions are investigated for the taper optimization. 
Experimental results for optimized tapers confirm the design theory. 

I. INTRODUCTION 

Smooth inhomogeneous finlines have already been used as 
broad-band components like transformers; attenuators, detectors, 
mixers, and nonreciprocal elements [l], [2], [5]. 

· In the beginning, the design of inhomogeneous finlines was 
mainly done experimentally, i.e., the cross sections of these tapers 
had been designed with a general parabolical dependence of the 
slot widths (2s) on the length coordinate (z) with the exponent 
of the parabola having been determined experimentally [5]. 

Recently, there have been publications of nonexperimental 
design procedures, e.g., in [6], where the use of a spectral-domain 
approach has been suggested. Another concept (9], which consid
ers inhomogeneous finlines that consist of an infinite number of 
elementary homogeneous finline sections, has proved the realiza
bility of this line. 

This paper follows the method presented in [4], which has the 
considerable advantage of taking into account the influence of 
the thickness of the metallization and of the longitudinal slits in 
the housing. 
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Fig. 1. Geometry of the unilateral grounded finline section. 

II. THE METHOD 

Consider the cross section of a finline placed on the lossless 
conductor and having a closed boundary/ (Fig. 1). 

All the electromagnetic fields inside the waveguide are ex
pressible in terms of the Hertz potentials <I> and 'f. The z 

dependence of the fields can be described employing a linear 
combination of exp( yz) and exp(- yz), where y is the propa
gation factor. The time dependence of the electromagnetic fields 
exp(jwt) is omitted in the following train of thought. 

If the problem of the inhomogeneous finline is to be solved, it 
is a fundamental supposition that the properties of the homoge
neous finline above are known accurately, considering even sec
ond-order effects like the metallization thickness d and the 
supporting slit in the waveguide mount c. Thus, a complete study 
of the grounded unilateral finline · is given by [3), where the 
eigenvalue equation system is solved by applying the 
Ritz-Galerkin method. Using the results of this method, the 
eigenvalues Pmn' the electromagnetic fields, the effective dielec
tric constants €err, mn, as well as the characteristic impedance 
Zomn of finlines can be calculated as a function of the geometri
cal dimensions and the above-mentioned second-order effects. 

Next, consider the longitudinal section of a finline (3) shown in 
Fig. 2 which is terminated by homogeneous finlines (1) and (2) on 
the left- and on the right-hand side. 

The transmission and the reflection properties of the problem 
mentioned above can be calculated by using the generalized 
telegraphists's equations for waveguides of varying cross section 
[8) 

(1) 

(2) 

where Um(z) and Im(z) are the mth modal voltage and current 
of the considered inhomogeneous finline, respectively; Zm is the 
m th modal characteristic impedance of the above line. The cou
pling coefficient Cmn between the mth and nth modal is given by 

(3) 

where en and em are the nth and mth orthogonal vector func
tions, respectively. The surface integral is extended over A the 
total cross section of the inhomogeneous finline. In (2), the 
in_fluence of the dielectric constant €err, m on the slot width 2s( z) 

y 

~=-1 

I 
I 

2s(z) z 
I 
I 

111 I 131 

------21 -----
Fig. 2. Longitudinal section of an inhomogeneous finline. 

must be taken into account via 

Ym . P~ 
---:--Z = JW€o€eff m ( z) + -. -
1 m JW/lo 

z 

(4) 

where Pm is the m th eigenvalue of the inhomogeneous finline. 
In the case of the quasi-TE10-mode propagation in the inhomo

geneous finline, substitution of the voltage reflection factor r in 
the general equations (1) and (2) leads to the following expres-
sion: 

2 ( 1 dlnK3(z) ) 
+ ( 1 - f 3 ( z)) 2 dz - Cu = 0 ( 5) 

which is a Riccati's differential equation. 
In order to solve this differential equation, look at the contour 

function given by 

{

o, 
f(z) = ½ dln:;ez), 

0, 

-oo~z<-/ 

-/<z<+l 

+/<z~oo 

( 6) 

The value K 3 ( z) is defined as 

(7) 

where (err and Ac are the effective dielectric constant and Ac the 
cutoff wavelength of the quasi-TE10-mode propagation on the 
inhomogeneous finline section, respectively. The known incident 
wave is excited at z = - oo and the waveguide is properly 
terminated at z = + oo. 

The characteristic impedance Z0 of a lossless waveguide is a 
real function; consequently, its contour function f(z) must also 
be real 

f(z)=f*(z). 

Thus, in order to examine the realizability of the given contour 
function f(z), the following quadratic integral must exist 
(Paley-Wiener's theorem): 

z = +oo 

f lf(z)J2 dz. 
z= -oo 

As the Riccati's differential equation (5) will be solved numeri 
cally, for this purpose the impedance function K3 (z) is expande 
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into a series ~iven by 

-oo,;;.z<-/ 

-l<z<+l. (10) 

l<z,;;.+oo 

By introducing this series expansion into the formula for the 
contour function /(z) ((6)) and by using a well-known series 
expansion of the logarithmic function, the following form of the 
contour function can be found: . 

/(z) 

l Q(P-1) ( Q (-l)q+l ) 

{ 

0, - oo,;;. z < + I 

= 2_ p~O (p+l).· q~l q a;+l zP, 
-l<z<+l 

0, +l<z,;;.+oo. 

(11) 

In this equation, a P + 1 is a coefficient which is closely connected 
to the expansion coefficients an of the impedance function 
K 3 (z). Now, if the propagation factor y3 (z) is also expanded 
into a series given by 

and if the function g(z), which is defined as 
p 

g(z) = /(z)-Cfi}= L gkzk 
k;,,,O 

(12) 

(13) 

is substituted for the function /(z) shown above ((11)), the 
Riccati's differential equation can easily be solved if the reflec
tion coefficient r3 is l!-lso formulated as 

00 

f 3 (z) = L r,((z -z0 )kr)'. 
r=·o 

By using the known condition for the reflection coefficient 

f 3 (z=/)=0 

(14) 

(15) 

it can be shown that the expansion coefficient f 0 of the series for 
f 3 ( z) in (14) is zero. The value kr of the introduced coordinate 
transformation is used to optimize the convergence behavior of 
this numerical solution. Thus, the reflection coefficient f 3 ( z) can 
be found as a function of the frequency and of the expansion 
coefficients of the impedance function K/z). Two kinds of 
solutions of the Riccati's differential equation are possiple. 

1) If the impedance function K3 (z) is known at P different 
coordinate values zn for a given frequency/= / 0 , the Riccati's 
differential equation can be solved for the unknown reflection 
coefficients by finding the zeros of the above-mentioned differen
tial equation numerically. 

2) If a function f 3 ( z ), i.e., the reflection coefficient is given as 
a function of the frequency fat the P frequency points, (P + 1) 
eqllations can be derived for the (P + 1) unknown coefficients an 
of the series expansion of K 3(z). In this case, it must be mi!de 
sure that the contour function /(z) is realizable (see (6) and (9)). 

Ill. NUMERICAL AND ExPERIMENTAL RESULTS 

During the numerical investigations, five different shapes of 
nhomogeneous finlines have been analyzed: the exponential 
aper, the near-optimum taper [4], the linear taper, tp.e taper of 

e second-order degree, and the taper o°f the foµrth-order degree. 

Fig. 4. 

0.3 

0.2 

0.1 

1 EXPONENTIAL I APER 
2 NEAR OPTIMUM I APER 
31 APER OF 2 NO OEGREE 
4 l!NEAR TAPER 
5 TAPrn OF 4 TH OE4REE 

m m ~ w -~ 
LENGTH OF TAPER 2I(mml--

Fig. 3. The eigenreflection coefficient of the investigated tapers. 
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Er~ 10,5) . . 
-numerical results 
• • ~e~perimeni al r~sults 

The calculated and measured scattering parameters of a two-taper 
section as· a function of tjie fr~quency. 

The eigenreflection coefficient of the input port of these tapers is 
shown in Fig. 3 as a function of the length 2/ for tapers on a 
RT/Duroid 6010 substrate material at 10 GHz. 

These types of taper~ lead to a reaji.za6le contour function; this 
means that besides being real this function is well defined in the 
interval of the inhomogeneous finline for z-values between - / 
and + I and that it is quadratically integrable. By mean~ of the 
developed theory and an optilllization procedure, the length of 
the taper can be minimized for given reflection coefficients by 
changing the coefficients an of the. series in (10), which describe 
the contour function indirectly. · · 

Fig. 4 serves as an example; it shows the cal1;;ulated and 
xneasure<l scattering parameters of a two-taper section; geoinetri~ 
cally, the slot has the character of an expo11-ential function. 

By using the theoretical results for iiµiomogeneoµs finlines, a 
broad-band pin diode · attenuator has been developed for an 
X-band system to measure the magnetic and th_e.dielectric material 
parameters. This attenuator erpploys a similar two-taper section 
as given by Fig. 4. The designed twostaper section mu~t have less 
than a 0.3-dB transmission loss and a.reflection loss higher than 
22 dB. Here, - a near-optimum taper with less tp.an a 0.1 ~dB 
transmission loss and a reflection loss higher than 30 dB has been 
chosen as an inhomogeneous•finliii'e section. With these require
ments, the near-optimum transfofmers are· designed on an iso
tropic substrate with a thi.ckness of0.125 mm and a di~lectric 
constant £,""' 2.22 (RT/Durqid 5880). The optjmwri !-fesign of 



148 IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. MTT-33, NO. 2, FEBRUARY 1985 

TABLE I 

So .2199527160E+OO 

51 .6009339 206E-02 

52 -. 1497 3785 21 E+ 00 

53 .30377823 31 E + 01 

s, .11547831 27t: + 02 

55 -.892 00134 27E + 01 

55 .77 3 1 4 105 4 7 E + 01 

57 - 485 9 3 138 89 E + 01 

Se .1854203359E ~01 

5g . 3181239616 E+OO 

the contour function is obtained, if the input reflection coeffi
cient s11 = f 3 (z,,,,; - I) for the full. X-band (/1 = 8 GHz, / 2 =12.5 
GHz) is kept below a prescribed liinit of '0.1 dB. In this case, an 
optimum length of taper of 2/ = 50 mm has been found .. Tue slot 
width of the taper section is determined by 

9 
s (l-z)" y=s(z)= L-!!. - , 

. n = 0 2 2/ . 
-l<z<+l. (16) 

Table I shows the coefficients of this power series sn for this 
design. 

The geometrical dimensions, as well as the transmission prop
erties of the optimized two-taper section, are shown in Fig. 5. 

Although this device has a transmission loss of < 0.2 dB, the 
reflectionloss of 22 dB is smaller than the 26 dB calculated by 
the above theory. This is a consequence of the fact that the 
dielectric loss and the discontinuities between the rectangular 
waveguide and the inhomogeneous finline section in the theory 
have been neglected. The dielectric loss is about 0.1-0.12 dB over 
the total X-band. Since the copper sheet on the substrate rusts 
rapidly, the copper must be coated with a thin gold sheet for the 
application as a pin diode attenuator. It has to be noted that the 
quality of the transmission properties is decreased in this case 
(see Fig. 5). 

Next, the method described above will be explained by using 
an impedance exponential taper as an example. As follows from 
the Paley-Wiener approximation theory, the contour function of 
the impedance exponential taper is also a realizable function, i.e., 
the quadratic integral given by (9) is bounded. The required 
two-taper section is designed to have a return loss higher than 26 
dB over the total Ka-band. Fig. 6 shows the transmission and 
reflection coefficients for a two-taper section consisting of two 
identical impedance exponential tapers. This finline structure can 
be used as an antenna in finline technique. 

In all of these cases, the convergence has been good and the 
computing time has been relatively short (approximately 0.03 s 
for one frequency point on a Control Data CYBER 76 computer). 
The measurements have been made using an automatic network 
analyzer. 

IV. CONCLUSIONS 

A simple modification of an existing design technique for 
rectangular waveguide transitions has been employed to obtain a 
plain and fast description of tapers in finline technique. For 
practical applications, several tapers have been designed using 

IS,1I0~......---r-c~~.....r--r-~-~~~~ 
dB EXPERIMENTAL 

RESULTS: 
0.1 -COPPER-CLAD 

9 10 
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A THIN GOLD 
PLATING 

--- NUMERICAL 
RESULTS 

b1 =10,16 mm 
b2 =022 mm 

21 =50 mm 
L = 130 mm 
£,=2.22 
THE NUMERICAL 
RESULTS ARE MADE 
WITHOUT . 

11 12 GHz DIELECRIC LOSS 
FRECllENCY = 0.1 + 0.12 dB 

Fig. 5. The calculated and the measured values of the reflection coefficient 
lsn I and the transmission coefficient lsd of a symmetrical two-taper section. 

!•u~r:I~~Er~-~ ~-rn~ 
l•,,1

20 
---EXPERIMENT AL RESULTS ~ b,•OI mm 

21=5.0mm 
L=30mm, 
E,: 2.22 

29 32 35 GHz 38 
FREQUENCY 

Fig. 6. The transmission and the reflection coefficient of a symmetrical 
two-taper section (the thickness of the RT/Duroid substrate is equal 0.125 
mm). 

this technique, and they have successfully been tested for the X
and the Ka-band. 

The required inhomogeneous finline structures for some in
tegrated millimeter-wave devices, like attenuators, oscillators, iso
lators, circulators, etc., have already been realized by employing 
this method: 
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Phase-Matched Waveguide Using.the Artificial 
Anisotropic Structure and its Application to a Mode 

Converter 

TETSUY A MIZUMOTO, STUDENT MEMBER, IEEE, HIROHIKO 
YAMAZAKI, AND YOSHIYUKI NAITO, SENIOR MEMBER, IEEE 

Abstract - Phase matching by the artificial anisotropic structure and its 
application to a mode converter are proposed for millimeter-wave dielectric 
circuitry. A phase-matched dielectric planar waveguide is· designed and 
mode conversion characteristics are studied. An experimental result of the 
nonreciprocal mode converter are presented to show the usefulness of the 
structure. 

I. INTRODUCTION 

As a transmission medium for low-cost integrated circuitry, 
dielectric waveguides have been studied in the millimeter-wave 
frequency range. Couplers and filters were designed in dielectric · 
waveguide forms and realized with good performances [1], [2]. 
Nonreciprocal devices, such as isolators and circulators, were also 
studied [3]. As the waveguiding property of dielectric waveguides 
in millimeter-wave frequencies is very similar to that in optical 
frequencies, some devices in dielectric waveguide forms are inter
esting for optical integrated circuits. 

There _has been proposed an optical isolator making use of 
mode conversion between two cross-polarized modes [4], [5]. In 
order to obtain sufficient mode coupling in these devices, it is 
necessary to realize phase matching between the modes in ques
tion. This means that the propagation velocities in the waveguide 
must be equalized. This also gives rise to a great difficulty for 
realizing a practical device. 

In this paper, as a simulation to optical applications, we 
propose a method for equalizing the propagation constants of the 
two cross-polarized modes in a dielectric waveguide. The 
proposed waveguide (Fig. 1) is called an artificial anisotropic 
waveguide. This technique can be applied with no difficulty to 
waveguide-type mode converters and/or -isolators. A similar 
waveguide has been proposed and designed for optical applica
tions [6]. The optical artificial anisotropic waveguide consists of 
dielectric thin film loaded by dielectric strips. In the proposed 
waveguide for millimeter-wave, dielectric strips are replaced by 
thin conductor strips, for a conductor can be regarded as a 
dielectric of infinite permittivity in this frequency range. 

We first describe an analytical procedure to calculate the 
propagation velocity .in the artificial anisotropic waveguide and 
show an example of a design of phase-matched waveguide. Mode 
conversion characteristics are also examined numerically for the 
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Fig: 2. Cross-sectional view of the artificial anisotropic waveguide and the 
structures to be analyzed. Both the planes A and B are electric walls in (a) 
and magnetic walls in (b). 

waveguide containing magnetic anisotropy. Finally, the mode 
conversion observed in a fabricated waveguide is reported. 

11: PHASE-MATCHING CONDITION AND MODE 

CONVERSION CHARACTERISTICS . 

Fig. 1 shows the proposed waveguide structure, which consists 
of a dielectric slab of thickness d loaded by conductor strips of 
width w. The structure extends infinitely in the x- z plane. Th~ 
propagation direction is along the z axis. All the materials of the 
waveguide are assumed to be lossless. The dielectric has a relative 
dielectric con~tant r,. 

Propagating electromagnetic fields are numerically analyzed by 
using a method similar to that described in [7]. For simplicity of 
analysis, .the conductor strips loading the guiding layer are placed 
periodically in the x direction. The periodicity is not necessary 
for the operating principle. For the electromagnetic fields to 
satisfy the periodicity in the x direction, transverse boundary 
conditions are restricted to the two types as shown in Fig. 2. In 
Fig. 2 (a), both the planes A and B are electric walls and in (b) 
magnetic walls. The eigenmodes can be classified into two groups, 
corresponding to the boundary conditions of Fig. 2(a) or (b). The 
former determines Ex modes and the latter EY modes. Hypothet
ical conductor plates are placed at y = - h and b for conveni
ence of analysis. · 

When the scalar potentials for TM and TE waves are defined 
by ij,<er and ij,<h), respectively, the electromagnetic fields of 
hybrid modes, which actually propagate in the waveguide, are 
given by (7, eq. (1)]. 

After ~applying the boundary conditions on both the hypotheti
cal conductor plates and the side walls, one obtains the scalar 

0018-9480/85/0002-0149$01.00 ©1985 IEEE 
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potential as follows: 
ao 

for Ex modes, and 
ao 

it,iex)= L A~e.x)sinh{ai1l(y+h)}sin{anx) {la) L {-PnUnF,,m[f(~)l+Rn(,B)Gnm[g(~)]}sin(anx)=0 
n=l 

00 

¥'~ex)= L { B~ex) sinh( afly) + c~ex) cosh( afly)} sin( anx) 
n=l 

ao 

¥'~ex)= L bjex) sinh { ai3l( b - y)} sin( anx) 
n =l 

00 

it,ihx)= L A~hx)cosh{ ai1l(y+h)}cos(anx) 
n=O 

ao 

{lb) 

{le) 

(ld) 

it,~hx) = L { B~hx) cosh( ai2ly) + C~hx) sinh( ai2l y)} cos{ anx) 
n=O 

ao 

o/~hx) = L n?x) cosh { a~3){ b - y)} cos{ anx) 
n=o· 

for EX modes: and 
ao 

1"iey) = L A~ey) sinh { ai1l( y + h)} cos{ anx) 
n=O 

ao 

{le) 

{lf) 

(lg) 

it,~ey) == L { B?Y) sinh( ai2ly) + C?Yl cosh( afly)} cos( anx) 
n=O 

ao 

ij,~ey) = ~ D~ey) sinh { a~3l( b - y)} cos{ anx) 
n=O 

ao 

it,ihy)= L A~hy)cosh{ai1l(y+h)}sin(anx) 
n=l 

. ao 

(lh) 

{li) 

{lj) 

it,~hy)= L {B?Ylcosh(a~2ly)+c~hylsinh(a~2ly)}sin(a~x) 
,; =l 

ao 

it,~hy)= L D~hylcosh{a~3l(b-yj}sin(anx) 
n =l 

for E Y inodes, where 

2n7T 
a=-.-

n a 

(lk) 

{11) 

{i =1,2,3). 

A~iJ), BJiJ), CjiJ), and iJjiJ) (i = e, h and j = x, y) are constants 
to be determined. The superscript x or y denotes the quantity 
relating to the Ex or EY mode, respectively. 

A set of homogeneous integral equations on the unkno~n 
functions / ( ~) and g( n can be obtained by substituting the 
electromagnetic fields into the boundary conditions at y = 0 and 
d and using the orthogonality of sinusoidal functions 

ao 

L { Pn( ,8) F,,e[ F( 0] + Rn(P) Gne[g( 0]} cos( anx) = 0 
n=O 

n=O 

( 
a- w) 0--.;x--.;-

2
-_ (3a) 

ao 

n=O 

for EY modes, where 

1
. a-w/2 

F,,e[t(n] = O /(~)cos{anO d~ 

Gne[ga)] = f 1 g(Osin(anO d~ 
a-w/2 

1a-w/2 
F,,,,; [!( ~)] = /( n sin{ anO d~ 

0 

{3b) 

{4a) 

(4b) 

{4c) 

{4d) 

f(x) is a distribution function of the x~directed electric field on 
the dielectric at y = d and g( x) is proportional to the z-directed 
electric current on the boundary surface. Pn(/3)• Qn(/3)• and Rn(/3) 
are the same notation in [7). The simultaneous homogeneous 
integral equations (2) and (3) are numerically solved by the 

-discretization of the integral regions to determine the propagation 
constant p. In actual calculations, the summation appearing in 
(2) and (3) are truncated by 50. 

When the conductor strips are removed, the waveguide be
comes an ordinary dielectric slab waveguide. Fig. 3(a) shows the 
propagation constants of TE0 and TM0 modes in the dielectric 
slab waveguide as a function of the slab thickness. The guiding 
layer has a rel~tive dielectric constant of 15.5 and .the surround
ing 1.0. Frequency is 49 GHz. Propagation velocities of the two 
modes never coincide with each other though they approach each 
other as the slab becomes thicker. 

Fig. 3(b) shows the propagation constants of the lowest Ex 
and EY modes in the artificial anisotropic waveguide. The guid
ing layer has the same dielectric constant as in the Fig. 3(a), and 
the surrounding is air. Conductor strips. of 1.2-mni width are 
placed on the guiding layer with periodicity of 2.0 mm. You can 
see clearly that the two modes are phase matched when d = 0. 72 
mm. 

If the two modes are phase matched in the waveguide ·com
posed of magnetic anisotropic material like a ferrite, nonrecipro
cal mode conversion occurs. Mode conversion between the Ex 
and EY modes can be estimated by using a perturbation method 
[8]. . -

When the EY mode enters the waveguide with the input power 
of Py(0) and travels along the z direction, the converted power of 
Ex mode, Px(z), is given by 

(5) 

where z is the propagation distance. K, 8, and Pc are defined as 

( 
a - w) follows: 0--.;x--.;-

2
- {2a)_ 

K = lwµ,of h!•aµ,hl dSI I ( ✓A1A2 ·Pm) ao 

L { Rn(P)F,,e[f(O]+Qn(P)Gne[g(O]} sin(anx) = 0 
n=O 

(a-w a) -
2
---.;x~ 2 {2b) 

(6a) 

8 = (P1 -P2 + N11/A1 - N2z/Az)/(P1 + P2 +Nii/Ai+ N2z/A2) 

{6b) 
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waveguide and (b) the artificill,! anisotropic waveguide. k0 = w~. 

fie= fimK/i + ( 8/K)2 

fim = (/31 + /32 + N11/A1 + N22/A2)/2 

(i=l,2) 

(i =1,2) 

where 

f f b ia/2 dS= · dxdy. 
-h 0 

( 6c) 

(6d) 

( 6e) 

( 6f) 

/31 and /32 represent propagation constants of Ex and EY modes, 
respectively, and (e1,h1) and (e2 ,h 2 ) electromagnetic fields of 
Ex and EY modes, respectively. !::.µ, is the tensor representing the 
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magnetic anisotropy produced by an applied de magnetic field 

Fig. 4 shows the maximum mode conversion 

1 

and the conversion length 

'TT 

2/3c 

(7) 

(8) 

(9) 

as a parameter of the applied de magnetic field, i.e., the magni
tude of magnetic anisotropy. The assumed waveguide consists of 
a ferrite slab loaded by the conductor strips of the same dimen
sion as in Fig. 3(b). The relative dielectric constant of ferrite is 
15.5 and its permeability is given by the Polder's tensor with 
4'1TMs =1800 (Gauss). A 100-percent conversion occurs at 49 
GHz where the two modes are phase matched. 

So far we have discussed a waveguide with perfectly conduct
ing strips. In practice, however, conductor strips have finite 
conductivity, which might affect the mode conversion characteris
tics. The attenuation due to the conductor loss is estimated to the 
amount of several dB/m in a shielded inverted stripline at 50 
GHz [9]. The change of propagation constant dµe to the loss in 
the proposed waveguide can be roughly estimated of the order of 
10- 4

, which corresponds to the frequency shift of about 0.01 
GHz around 49 GHz. Thus, even if the attenuation of the Ex and 
EY modes are different from each other, the phase-matching 
frequency shifts 0.02 percent at the most. By this frequency shift, 
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Analyzer 

Oscillator 

Modulator I------'>--, 

Device under test/~ 

Fig. 5. Setup for measurement of polarized direction. 

the mode conversion is degraded only 0.04 percent at 49 GHz, 
when the applied magnetic field is 1500 (Oe). So far as conductor 
loss is concerned, insertion loss of less than 1 dB is expected for 
the device length of 5 cm. 

III. ExPERIMENTAL ExAMINATION 

In order to confirm experimentally our idea, we fabricated an 
artificial anisotropic waveguide and performed experiments on 
mode conversion. The fabricated waveguide consists of a YIG 
polycrystalline slab of 0. 72-mm thickness loaded by copper strips, 
which are formed by etching the vacuum-evaporated copper thin 
film. The width and periodicity of strips are 1.2 mm and 2.0 mm, 
respectively. The artificial anisotropic waveguide is 5.0 cm long. 

The guiding wave was launched from a metallic waveguide by 
way of a teflon waveguide and detected through the analyzer 
(Fig. 5). As is mentioned in the previous section, when the two 
cross-polarized modes are phase matched, nonreciprocal mode 
conversion occurs by virtue of magnetic anisotropy which is 
produced by applying a de magnetic field parallel to the propa
gation direction in the YIG waveguide. This phenomenon is 
observed as the rotation of polarized direction (Fig. 6). In Fig. 6, 
the abscissa and ordinate indicate the angle of the analyzer and 
the detected power, respectively. Here, the polarized direction is 
defined as the direction making a right angle to the direction 
where the detected power is minimum. It is observed that the 
polarized direction rotates about 40 (degrees) when the applied 
field is 300 (Oe). On the other hand, it rotates in the reverse 
direction when the applied field is reversed. This means that 
nonreciprocal mode conversion occurred in the fabricated wave
guide, as the reversal of the applied magnetic field is equivalent 
to that of propagation direction. Though the waveguide was 
designed to be phase matched at 49 GHz, the maximum mode 
conversion was obtained at 52 GHz. We attribute this to the 
fabrication errors. 

We performed the same experiment on the YIG slab of the 
same dimension without copper strips. In this case, no mode 
conversion could be observed. This implies that phase matching 
was not taken in the YIG slab without copper strips. 

It has been shown by the experimental results that the conduc
tor strips properly placed on the dielectric slab cause phase 
matching between the cross-polariz~d modes. 

IV. CONCLUSIONS 

Phase matching by the use of an artificial anisotropic structure 
and its application to a mode converter are proposed for millime
ter-wave dielectric circuitry. Phase-matched dielectric planar 
waveguide is designed by using a rigorous analysis. Mode conver
sion characteristics are also studied in the artificial anisotropic 

copper (width=1.2 mm) 
_j___ __._ Freq_=52 GHz 

0 ,··.YIG:-i:•'.':' -r 
Hoc 0.72 mm 

-90 -60 -30 0 30 60 90 
Analyzer angle cp (deg) 

Fig. 6. Observed rotation of polarized direction. 

waveguide composed of a magnetic anisotropic material. Nonre
ciprocal mode conversion is observed in the YIG artificial aniso
tropic waveguide. l;'he polarized direction rotates about 40 ( de
grees) when the magnetic field of 300 (Oe) is applied to the 
waveguide of 5.0-cm length. Therefore, it is concluded that the 
planar mode converter and/ or isolator can be constructed in 
the artificial anisotropic waveguide by virtue of magnetic ani
sotropy. 
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wide stopband characteristics for hannonics suppression. Its features can 
be obtained from the configuration using both quarter-wavelength uniform 
impedance resonators (UIR's) and stepped impedance resonators (SIR's). 

L INTRODUCTION 

The miniaturization of radio communication equipment is in 
progress with the development of mobile communications. This 
technological trend requires compact bandpass filters; besides, 
output filters of nonlinear circuits, such as oscillators and ampli
fiers, must have the ability to provide wide stopband characteris
tics for harmonics suppression. The use of conventional quarter
wavelength uniform impedance resonators (UIR's) for output 
filters is us~ally not appropriate because of their poor harmonics 
suppression. 

As one of the approaches to overcome this problem, the 
authors previously introduced the use of the stepped impedance 
resonator (SIR) as a filter element (1)-(3). 

This paper describes the SIR filled with high-Q dielectric 
material and its application to bandpass filters with wide stop
band characteristics. 

Firstly, fundamental parameters such as resonance properties, 
unloaded-Q, and slope parameters of the SIR were analytically 
derived. Secondly, the design formulas for capacitively coupled 
bandpass filters were derived from the admittance inverter 
parameters. Thirdly, the method of spurious suppression for wide 
stopband characteristics was considered. Finally, an experimental 
bandpass filter was designed and fabricated, based on these 
design formulas and in consideration of spurious suppression. 
The experimental performance data should be in close agreement 
with the design results. 

II. DIELECTRIC-FILLED STEPPED IMPEDANCE RESONATOR 

A. Resonance Properties of the SIR 

The resonator structure of a dielectric-filled SIR is shown in 
Fig. 1. Fig. l(a) shows an inner conductor step-shaped structure 
(type (A)) and Fig. l(b) shows an outer conductor step-shaped 
structure (type (B)). 

The resonator consists of two transmission lines of different 
characteristic impedances Z1 and Z2 , of admittance Y1 and Y2 , 

and corresponding length /1 and /2 . The parameter K is defined 
by the impedance ratio Z2 / Z1 . The case of K = 1 corresponds to · 
UIR, so UIR can be considered for a special case of SIR. 

For the admittance of the resonator from the open end, y; is 
given by 

. Y2 tan/3/1 ·tan/3/2 - Yi 
y; = j Yi y; /3[ V /31 . 

2 tan 1 +1 1 tan 2 

The resonance condition can be described by 

where 

/3 =F, ·2w/"X0 

Z1 =1/Y1 =60ln(b1/a1)/F, 

Z2 =1/Y2 =60ln(b1/a2)/F,, 

601n( bzla1)/F,, 
type (A) structure 

type (B) structure 

€, relative dielectric constant of material, 
"X 0 wavelength in free space. 

The resonator length I, can be obtained from (2) as 

(1) 

(2) 

(3) 

DIELECTRIC MATERIAL 

z, z2 METALIZED FILM 

21 22 

Rt 

~ 
~ 

Fig. 1. Structures of the SIR. (a) Type (A) structure. (b) Type (B) structure. 
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Fig. 2. Resonance condition of the SIR. 

The result calculated for the relative di~lectric constant €, = 35 
is shown in Fig. 2. L1 , L, shown in Fig. 2 are /1 , I, normalized by 
quarter-wavelength in free space, respectively. The region of 
K = 1 and the region of O < K < 1 indicate the resonance of the 
UIR and that of the SIR, respectively. In the region of O < K < 1, 
the resonator has a minimum length at /1 = / 2 = tan- 1,/K //3. 
Thus, the minimum resonator length /1 min can be obtained as 
follows: 

/ 1 min= 2tan- 1 ./K //3. ( 4) 

In this way, the design equation becomes simple and practical 
when the lengths of Z1 and Z2 are equal. 

The spurious response of the resonator is one of the important 
design factors. In particular, the output filters of nonlinear cir
cuits such as oscillators and amplifiers should have the ability to 
provide harmonics suppression. 

The UIR's have spurious responses in the odd-numbered times 
of the fundamental frequency, so the harmonics suppression 
cannot be expected. However, the SIR's possess this harmonics 
suppression characteristics. 

When the lengths of Z1 and Z2 are equal, the resonance 
condition can be obtained from (2) 

tan2 n/31 = K. (5) 

When n = 1, this equation shows the fundamental resonance 
condition. When n > 1, it shows the spurious resonance condi
tion. 
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Fig. 3. Spurious resonance frequencies of the SIR. 

The spurious resonance frequencies are defined by fsn ( n = 
1,2, · · ·) 

(6) 

In this way, the spurious resonance frequency can be con
trolled by the impedance ratio K. 

Fig. 3 indicates the spurious resonance frequencies of the SIR 
as a function of the impedance ratio K. 

B. Unloaded -Q 

The ilnloaded-Q is an important parameter to determine the 
diameter of a coaxial resonator. The unloaded-Q, Q0 of the 
dielectric-filled SIR, can be obtained by solving the electromag
netic field of the TEM mode 

Q QC 
0 = 1+ Qc tand 

(7) 

where -tan d is the loss tangent of the dielectric material, and 
where, for the type (A) structure 

2b1 A1 1n(bi/a1)+A 2 B2 ln(bi/a2 ) 
Q=---~~~~~~~~~~-

c 8 [A1{1+(bi/a1)}+A2 B2{l+(bi/a2 )} 

+ ( 8wF, b1/X0 ) {ln( b1/a1) + B1 ln( a2 /a1)}]. 

For the type (B) structure 

2b1 A1 ln( b1/a1) + A2 B2 ln( bzia1 ) Q=----~~~~-~~~~~--
c 8 [A1{1+(b1/a1)}+A2 B2{(b1/b2)+(bi/a1)} 

+ ( 8wF, b1/X0 ) {ln( b1/a1) + B1 ln( b1/b2 )}] 

where 8 is the skin depth, A1 = 2/l/1 + sin2P/1, A2 = 2/l/2 -

sin2P/2 ,B1 = cos2 P/1, and B2 = cos2 P/1/sin2 P/2 . 

Usually, the impedance ratio K is set at less than unity to 
miniaturize the resonator length, so the outer radius b1 becomes 
larger than b2 . When K and b1 are constant, the type (A) SIR is 
more excellent, so that the unloaded-Q of the type (A) SIR is 
higher than that of the type (B) SIR. 

As a calculation example, Fig. 4 shows the unloaded-Q as a 
function of the resonator length normalized by the dielectric-filled 
UIR. 

Fig. 5 shows the unloaded-Q as a function of the outer 
diameter. 

In the case of the dielectric-filled UIR, the unloaded-Q can be 
obtained by taking K = l and /1 = / 2 in (7). 
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Fig. 4. Unloaded-Q as a function of the normalized resonator length. 
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C. Admittance Slope Parameter 

To design bandpass filters, the slope parameter b should be 
determined. 

Calculated from its definition [4], the admittance slope param
eter can be obtained as follows: 

(8) 

where 801 = Pl1lw = w0 • 

When /1 = /2 , the condition of the minimum resonator length, 
the admittance slope parameter is simplified as follows: 

III. DESIGN OF A CAPACITIVELY COUPLED BANDPASS 

FILTER 

(9) 

The fundamental configuration- of an n-stage capacitively cou
pled bandpass filter is shown in Fig. 6. GA and G8 indicate input 
and output conductance, respectively, b1 indicates the admittance 
slope parameter of the }th resonator, and c;,J+I indicates cou
pling capacitance. 

When the element values of the low-pass filter prototype g1 
and the. relative bandwidth w are given as fundamental design 
parameters of the bandpass filter, the admittance inverter pa.ram-
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Co1 C45 Cn-i,n Cn,n+1 

Fig. 6. Configuration of an n-stage capacitively coupled bandpass filter. 

eter .l;,J+l can be expressed as 

Jn,n+l = 

b b +l 
-

1
-

1
- (J=l- n-1) 

gjgj+l 
(10) 

Using these admittance inverter parameters, the coupling 
capacitance is given as follows: 

101 
C01 = ---;:::=====-

woV1-(Jo1/GA)2 

J. ·+1 
½,J+l =~(J=l-n-1} 

0 

C · Jn,n+l 
n, n+ 1 = --_ /;:=========

2 
woyl-(Jn,n+1/GB) 

(11) 

As the resonator size can be calcuiated using the results ob
tained in the previo~s section, it is possible to design a capaci
tively coupled bandpass filter with arbitrarily structured reso
nators. 

IV. CONSIDERATION FOR SPURIOUS SUPPRESSION 

A. The Method for Spurious Suppression 

Output filters of nonlinear circuits such as oscillators and 
amplifiers should have the ability to provide wide stopband

1 
characteristics for harmonics suppression. 

For capacitively coupled filters using diele~tric-filled coaxial 
resonators, the design method which combines differently struc0 

tured resonators is effective to ensure wide stopband characteris
tics. The basis of this method is the use of different types of 
resonators with the same fundamental resonance frequencies but 
with different spurious resonance frequencies. The degree of 
spurious suppression depends upon the number of resonators and 
the span between the spurious frequencies of each resonator. The 
more resonators and the wider span between resonators, the more 
spurious suppression can be realized. 

As an example, a bandpass tilter combining UIR's with SIR's 
will be discussed. As described in the previous section, UIR's 
have spurious responses in the odd-numbered times of the funda
mental frequency, while SIR's have spurious responses controlled 
by the impedance ratio K. 

Now consider the case which suppresses the spurious response 
to five times the fundamental frequency. 

Referring to Fig. 3, the selection of the impedance ratio K 
hould be less than K = 0.2 or near K = 0.5. For consideration of 
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Fig. 7. Calculated spurious response of the bandpass filter using UIR's. 
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Fig. 8. Calculated spurious response of the bandpass filter using SIR's. 

the unloaded-Q of the resonator, it is desirable to set near 
K=0.5. 

B. Computer Simulation of the Stopband Characteristics 

Fundamental design parameters of the bandpass fi~ter using 
computer simulation are as follows: 

Center Frequency: 
Nu_mber of Resonators: 
Filter Response: 
Passband Ripple: 
Relative Bandwidth: 
Unloaded-Q (UIR): 

(SIR): 

f =877.5 MHz 
N=5 
Chebyshev type 
R = 0.02 dB 
w = 0.03 
900 
850, 

Firstly, consider that the bandpass filter consists of the same 
resonators. Figs. 7 and 8 show the response of the bandpass filter 
consisting of UIR's and SIR's (K = 0.5), respectively. The band
pass filter consisting of the same resonators has a spurious 
response corresponding to the impedance ratio K, so the stop
band characteristics of the bandpass filter are not satisfied. 
However, spurious frequencies of the bandpass filter consisting of 
SIR's (K = 0.5) are 4.1 and 6.1 times, respectively, the fundamen
tal frequency. These spurious frequencies are different from the 
odd times of the fundamental frequency, so this bandpass filter 
has the ability to suppress the harmonics in oscillators or ampli-
fiers. · 

Secondly, consider the bandpass filter 
1
consisting of different 

resonators, UIR's and SIR's. In this bandpass filter, UIR's and 
SIR's will not be fesonant at the spurious frequency of SIR's and 
that of UIR's, respectively. Thus, to obtain wide stopband char-
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TABLE I 
CALCULATED SPURIOUS RESPONSE OF THE BANDPASS FILTER 

USING UIR's AND SIR'S. 

No 
Combination 

of Resonators 

Spurious response 

3 fo 4.1 fo 5 fo 6.1 fo 

rtfillm -44dB (-100dB -35dB (-100dB 

rrml]E -51 -31 -77 -15 

<-100 -21 <-100 -24 

-47 -61 -51 -69 
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Fig. 9. Calculated spurious response of the bandpass filter using UIR's and 
SIR's (No. III). 
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Fig. 10. Calculated spurious response of the bandpass filter using UIR's and 
SIR's (No. IV). 

acteristics, it is desirable to choose a similar stage number of 
UIR's and SIR's in the filter. 

Some results of computer simulation for the bandpass filter 
using both UIR's and SIR's are summarized in Table I. Figs. 9 
and 10 show the spurious response of Nos. III and IV combina
tions, respectively. The No. III combination has the response 
which makes the spurious response of the SIR remarkable, and 
only a 21-dB spurious suppression can be obtained. The No. IV 
combin;ition has all the spurious responses of UIR's and SIR's, 
but these spurious responses can be eliminated as mentioned 
before, and a computer simulation made it clear that more than 

Fig. 11. Photograph of the dielectric-filled coaxial UIR (left) and SIR (right). 
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Fig. 12. Longitudinal cutaway of the fabricated bandpass filter. 

Fig. 13. Photograph of the fabricated bandpass filter. 

45-dB spurious suppression can be achieved, as shown in Fig. 10. 
This .is one of the combinations which show excellent wide 
stopband characteristics. 

According to the above analysis, we selected the No. IV 
combination in the design example. 

V. FABRICATION AND PERFORMANCE OF AN 

Exl'ERIMENTAL FILTER 

On the basis of the previous results, an experimental bandpass 
filter was designed and fabricated. The five-stage bandpass filter 
fabricated here . consists of dielectric-filled coaxial UIR's and 
SIR's as shown in Fig. 11. To obtain the unloaded-Q estimated in 
the previous simulation, resonators have inner and outer diame
ters of 4 mm and 12 mm, respectively. The stepped outer diame
ter is 7 mm for an impedance ratio K = 0.5. The unloaded-Q ,of 
the type (A) SIR is higher than that of the type (B) SIR, but the 
type (B) SIR is used because it is simple to fabricate. The relative 
dielectric constant of this material is 35 and its loss tangent is less 
than 1 X 10- 4 at 12 GHz [5]. 

Fig. 12 shows a longitudinal cutaway of the fabricated filter. 
The coupling capacitor was fabricated on a dielectric substrate 
with a relative dielectric constant of 2.5 and a loss tangent of 
2x10- 3• Interdigital capacitors and gap capacitors were intro
duced for. input (output) couplings and interstage couplings be
tween resonators, respectively. The structure of capacitors was 
determined by experimental results of the extemal-Q and cou
pling factor. For alignment and adjustment of the fabricated 
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Fig. 14. 
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Fig. 15. Measured spurious response of the fabricated bandpass filter. 

filter, it was necessary to tune resonators with tuning screws, but 
no adjustment of coupling capacitors was required, so coupling 
capacitors were precisely determined by photolithographic tech
nology. 

Fig. 13 shows· the outer view of the fabricated filter. Its 
physical dimensions are 80 mm (length)Xl4 mm (width)X20 mm 
(height) and its volume is 22.4 cm3

• · 
Fig. 14 shows the measured and calculated frequency response 

of the experimental bandpass filter. The solid and dotted lines 
indicate the measured and calculated responses, respectively. The 
fabricated filter performance shows close coincidence with the 
design results. Therefore, the propriety of the design formulas is 
experimentally verified. Passband insertion loss was obtained at 
1.6 dB at midband and 1.85 dB at band edge. 

Fig. 15 shows the measured spurious response. It is similar to 
the spurious response of the computer simulation. But the spuri
ous response near 3.8 GHz doesn't appear in the simulation. The 
spurious response near 3.8 GHz is different from that of the 
TEM mode in a coaxial resonator, UIR, and SIR. Consideration 
concerning spurious freq4ency and the diameter of the resonator 
proved this unknown mode to be a TE21' mode. 

VI. CONCLUSIONS 

A method of designing capacitively coupled bandpass filters• 
with arbitrarily structured resonators· was established and the 
fabricated filter performance showed close coincidence with the 
design results. It is shown that wide stopband characteristics can 

be realized by combining quarter-wavelength uniform impedance 
resonators (UIR's) with stepped impedance resonators (SIR's). 
The special feature of this filter is that the spurious response can 
be controlled by the impedance ratio K of the SIR and the 
combination of UIR's and SIR's. 
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Conservation Laws for Distributed Four-Ports 
0. SCHWELB, MEMB~R, IEEE, AND R. ANTEPY AN, STUDENT 

MEMBER, IEEE 

Abstract -Condition of reciprocity, losslessness, bilateral symmetry, 
transversal symmetry, and semireciprocity is given for a four-port in terms 
of its impedance, admittance, scattering, and transfer representation. Cor
responding conditions are also presented for the system coupling matrix of 
a uniform distributed circuit. The results are applied to an anisotropic 
stratified waveguide. 

I. INTRODUCTION 

Classical network analysis has provided invaluable analytical 
tools for the design of microwave devices. Circuit methods, 
ho~ever, are far less prevalent in integrated optics, acoustooptics, 
and related areas. The purpose of this paper is to provide, in 
tabular form, conditions for certain properties of integrated cir
cuits. These properties include reciprocity, losslessness, bilateral 
and transversal symmetry, and semireciprocity. The last one of 
these, exhibited by anisotropic media, appears to be novel. 

The conservation laws are expressed in terms of various, com
monly used terminal representations, such as impedance, admit
tance, scattering, scattering transfer, etc., as well as in terms cif 
the system coupling matrix of a uniform distributed network. 
Conversion from one representation to another is facilitated by a 
computer program developed by one of the authors (RA). _The 
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tabulated expressions have proved to be useful in numerical 
analysis and design, where they can be implemented to test for 
the validity and accuracy of computed results. 

Since a number of the integrated devices are four-ports, or can 
be viewed as such, as for example the anisotropic slab waveguide 
supporting a. TE-TM hybrid· mode, we found it practical to 
restrict this treatment to four-ports, although the analysis has 
been exteqded to 2 n-ports. 

Network representations and the system coupling matrix of 
uniform distributed parameter devices are defined in Section IL 
Generalized Pauli matrices, ip.troduced in ·Section III, make it 
possib.le to express the. conservation laws in compact form. A 
table, listing conditions for reciprodty, losslessness, bilateral 
symmetry, transversal symmetry, and semireciprocity, is pre
sented in Section IV. An application from the area of electromag
Q!!ti<; wave propagation in anisotropic media concludes the paper. 

II. NOTATION 

Referring to Fig. 1, illustrating a four-port, its terminal param
eter sets and two possible axes of syrnmetry, the following . 
notafion is adopted:(a) = col [a1, a 2 , a3 , a4 ] is the vector of the 
inddent waves, and analog vectors denote the reflected waves 
( b ), the port voltages ( V) and the port currents ( I). These 
vectors are linearly related via the network matrices. Thus, V = 
Zl, l.=YV, and b,,;, Sa. the impedance transfer and &cattering 
transfer matrices are defined by · 

respectively. Two other often used representations, denoted by A 
and M, are related to the T matrix through the expressions 

A£IITII£TandM=IIT- 1II (2) 

respectively, where 

o O ol 0 1 0 
1 0 0 . 
0 0 1 

In addition to the terminal parameters, Fig. 1 also indicates 
waves· trav~ling forward and backward along the x coordinate 
which is seeri as the axial coordinate of a distributed network, 
internal to' the bla~k box. The preyiously defined transfer matrix 
M can therefore also be vieweq as a· function of x 

a(x) = M(x)a(0) (3) 

where, in distinction from the previously defined terminal vec
tor a 

a(x) £ col[ at (x), a~ (x), ai(x), a2 (x)]. (4) 

Alternatively, the voltages and currents at a given x location can 
be referred to those at a reference location by the expression 

(5) 

where g(x) = col [Vi(x),/1(x), V2 (x), / 2 (x)] and g(x) = Ilg(x). 
Clearly, one must define a transformation to link voltages and 
currents on the one hand to forward and backward tra~eling 
waves on the other. Adopting the so-called traveling~wave repre-
sentation [l], this tr~sforrnation is given by · 

g(x)=Qa{x) ( 6) 

-+I, 
-1,l•l 

1,-

a, - • V, 
a;t,.) __.. 

v,' ---- b, 
b,- Q~\J') ~ I l \f,l•) -a, 

·-·-·-!-· t fronsverscil 
-·-· i symm. _,, i.-

a,-
~ v, 

a!t,i;) ~ l -1,l•) 
v. t -b• 

b,-- a;t,i;) ..._ v2 .t•) -q. 
-1 - bilateral -symm. 

Fig. 1. To the definition of four-port representations. 

where 

zl/2 
1 

zl/2 
1 0 0 

1 21112 _ 21 112 0 0 
(7) Q=-

ff, 0 0 zl/2 zy2 2 

0 0 z-112 
2 

_ z:21/2 

and Z1 and Z2 are appropriately chosen characteristic imped
ances. 

Bearing in mind that the network is distributed in the x 

direction, and that tile wave parameters at x + dx are linearly 
related to those at x, one can specify at the outset that 

d 
~a(x) = - JRa(x) 
dx 

(8) 

where R is the system coupling matrix [2]. In keeping with the 
assumption of uniformity, R must be a constant. When (3) is 
substituted into (8) and consideration is given to the fact that 
a(0) is arbitrary, one finds that 

1 M(x) = M'(x) = - JRM(x). (9) 

It can also be shown (2] that R and M(x) have the same set of 
eigenvectors and that, as a consequence, they commute. 

III. GENERALIZED PAULI MATRICES 

Generalized Pauli matrices provide the means to compactly 
express the conservation laws of four-ports. They are given by 
( E2 is the 2 x 2 identity matrix): 

0] [ E2 

E2 , a1 = 0 

and their tilde transforms ii;= Ila;II, i = 0,1,2,3. The gener
alized Pauli matrices are unimodular (determinant is unity), in
volutive (their square is the identity), and Hermitian. Further

more, (Jk(JI + a,ak = 28k,E4 = iikiil + ii,iik, akiil = iika,, (Jk(JI = Jam, 
and iikiil,,;, Jiim, k, I, m = 1,2,3 in cyclic order. The generalized 
Pauli matrices represent a subset of the so-called Dirac matrices 
[3] obtained as the Kronecker (or direct) product of the ordinary 
Pauli matrices. 

IV. RECIPROCITY, LOSSLESSNESS, AND SYMMETRY 

Five conditi!:ms will be considered: reciprocity, losslessness, 
bilateral symmetry, transversal symmetry, and semireciprocity. 
Some of these properties, and the constraints associated with 
them, are well known [l]. Others, such as semireciprocity ob
served in waveguides containing anisotropic media, have onl 
recently been investigated [5]. Also considered novel is the exten 
sion of these conditions to the system coupling matrix R. 
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TABLE I 
SUMMARY OF THE CONSERVATION LAWS 

Reciprocity Losslessness Bil at. sy11111. Trans. sy11111. Semi reciprocity 

z Z = z1 
Z = -Z Z = a2Za2 Z = 02202 Z = 012

1
01 

y y = yl y = -Y y = 02 Ya2 y = 02 Yo2 y = OJ yl;;I 
-I 

= a3Q
1

a3 
-I -I 

o = a20a2 
-I ~ T ~ Q - Q Q = a2Q a2 Q = a10a1 Q = a1a~Q 0301 

-I s S = ST s = s 5 = 02 Sa2 s = 02!>o2 S=a1S1a 1 
-I 

= 03 TT a3 
-I -I 

T = cr21a2 
-I 

= cr1a3TTa301 
T T T = OJ T OJ T = 02 Ta2 T 

-I 
= 03AT03 

-I 
= 01A OJ 

-I 
= 02Aa2 

-I 
= a1a3ia3a1 

A A A A A = a2Aa2 A 
-I 

= a3M 
1
03 

-I -I - -I 
= 0103M 

1
0301 

M M M = 01M OJ M = 02Mo2 M = a2Ma 2 M 

R R = -03 R103 R = 01R OJ R = ·02 f<a2 R = a2Ra2 R = ·a103RT0301 

A summary of the five conditions as they apply to the eight 
representations defined in Section II is presented in Table I. The 
entries in the first and second column are derived from the 
appropriate condition expressed in terms of the impedance or 
the scattering matrix, using the laws of transformation linking the 
various representations. For example, the reciprocity condition of 
R obtains from the reciprocity condition of M(x) 

M(x)ii3 MT(x)ii3 = £ 4 • (11) 

Ta.king the derivative of (11), substituting (9) and ma.king use of 
(11) and the properties of the generalized Pauli matrices, we find 
that for a reciprocal network the system coupling matrix must 
satisfy the expression 

(12) 
A similar derivation for the losslessness condition is given in [4]. 
The conditions for bilateral symmetry are obtained by stipulating 
that a representation be unchanged when the corresponding 
four-port is rotated around the bilateral symmetry axis, shown in 
Fig. 1. Thus, in the scattering transfer representation, for exam
ple, it is required that 

(13) 

Analogously, the scattering matrix of a transversally symmetric 
four-port must satisfy 

(14) 

A sernireciprocal four-port is defined by'the Z matrix representa-

[ z., 
Z12 

Z£ -Z12 Z22 
Z13 - Z23 

-Z14 Z24 

(15) 

Such a network is a series connection of two four-ports, one 

and ports 2 and 4, but there is no coupling between line 1 and 
line 2, and another, purely "antireciprocal" in which no coupling 
exists between ports 1 and 3 and between ports 2 and 4. Table I 
indicates that the Y and S matrices of a semireciprocal network 
have the same structure as the Z matrix. The systems coupling 
matrix of a sernireciprocal distributed network on the other hand 
must have the form 

[ Rn 
R12 R13 

R21 -Ru R23 R= 
R24 -R14 R33 

-R23 R13 R43 

Compare this with the R matrix of a reciprocal netwo,rk where 
the four elements of the lower left block must have signs opposite 
to that in (16). 

A consistent set of conditions exists for a· sixth property, 
namely, pure antireciprocity has also been established but left out 
of this discussion because we could find no physical example of a 
distributed four-port behaving like a generalized gyrator. 

A computer program has been implemented that converts any 
listed complex 4 X 4 matrix into any other, and performs tests 
described in Table I as required. 

V. APPLICATION 

In anisotropic layered waveguides, generally the TE mode (line 
1) is coupled to the TM mode (line 2). This transmission medium 
is noteworthy because it may or may not be bilaterally symmetric 
depending on the configuration and can be reciprocal or semire
ciprocal depending on the nature of the permittivity. 

Solving the Maxwell equations in a stratified geometry de
picted in Fig. 2, assuming a lossless, nonmagnetizable, homoge
neous, and anisotropic dielectric, uniformity in the y (and z) 
direction and exp(jwt) time dependency, it can be shown [5] that 
(8) holds, where 

7/ol/2£y( x) 

71J/2H,( x) 
7/o 112 E,( x) 

-71J/2Hy(x) 

(17) 

purely reciprocal in which there is a link between ports 1 and 3 and 710 is the free-space wave impedance. 
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Fig. 2. Geometry of an anisotropic slab waveguide. All regions may be 
anisotropic. The electromagnetic wave propagates in the z direction. The 
four-port represents the film region. 

For a uniaxial dielectric in polar configuration (optic axis in 
the y-z plane), or for a biaxial medium rotated around its 
crystalline x-axis, the relative permittivity matrix and the system 
coupling matrix is 

0 

(18) 

and 

✓£yy - 132 0 

0 - ✓t:yy - 132 

R= 
1/2JZ1Z2 t:;, 1/2JZ1Z2t:;, 

-1/2JZ1Z2 t:;, - l/2JZ1Z2 t:;, 

respectively, where the normalized line impedances are Z1 = [£yy 

- ,8 2 ]- 112 and Z2 = [(1- /3 2/£xx)/£,,]112 and /3 = k,/k0 is the 
effective guide index. For a uniaxial dielectric in longitudinal 
configuration (optic axis in the x- y plane), or for a biaxial 
medium rotated around its crystalline z-axis, the relative permit
tivity matrix and the system coupling matrix is 

[ ,,, £xy 

. :J [£,]= £~ t:yy (20) 

0 

I 

~ 0 
X 

0 -[E-/32 
£xx 

R= 
/3 {f;'£xy /3 ff; t:xy -- -- -- --
2 Z2 £xx 2 Z2 £xx 

/3 ff; t:xy /3 ff; t:xy -- -- -- --
2 Z2 t:xx 2 Z2 t:xx 

respectively, where 

[ 
21 -1/2 

Z1 = t:.,,/£xx -{3 ' 

and 

t:.,, = £xx£yy -1£xyl 2
• 

Inspection of the above coupling matrices, and the computed 
transfer matrices of an anisotropic layer corresponding to them, 
shows that the polar configuration is bilaterally symmetric, and if 
£y, is real (imaginary) then it is reciprocal (semireciprocal), 
whereas the longitudinal configuration is not bilaterally symmet
ric, and if £xy is real (imaginary) then it is semireciprocal 
(reciprocal). In addition, both configurations satisfy the lossless
ness condition and neither are transversally symmetric. Note also 
that there is no coupling between TE and TM modes in the 
longitudinal configuration when the direction of propagation is 
normal to the interface (/3 = 0), as in the case of liquid-crystal 
twist cells. 

VI. CONCLUSION 

Conservation laws have been presented in a form suitable to be 
applied to distributed, uniform integrated circuits. A new con-

1/2JZ1Z2 £y, 1/2JZ1Z2 t:y, 

-1/2JZ1Z2 t:yz -1/2JZ1Z2 t:y, 
(19) 

/(1- /3 2/t:xx)t:,, 0 

0 -/(1- /32/t:xx)t:,, 

cept, semireciprocity, has been introduced and a device config
uration, to which it applies, demonstrated. 
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A Broad-Band Directional Coupler for Both 
Dielectric and Image Guides 

R. J. COLLIER AND G. HJIPIERIS 

Abstract -A four-port directional coupler is presented for use in dielec
tric and image guides. Simple design equations are derived and the 
subsequent results are in good agreement with theory. Broad-band perfor
mance has been achieved over the entire conventional waveguide bandwidth 
(26-40 GHz). 

I. INTRODUCTION . 
To date, various directional. coupling structures [l]-[5] have 

been proposed for use in image and dielectric guide circuits. Of 
these, the distributed couplers tend to be narrow band because 
they employ evanescent field interaction which is strongly 
frequency dependent. An alternative is presented in this paper 
which is similar to the optical Fabry-Perot etalon [6] and the 
analysis adopts the same multiple reflection model. Rudokas and 
Itoh [7] have investigated a beam splitter in inverted strip dielec
tric guide where the desired coupling is achieved by adjusting the 
gap width. If a dielectric film, whose effective dielectric constant 
is greater than that of the guide, is used instead of a gap, a 
greater bandwidth is possible. This requires the correct choice of 
both the film dielectric constant and width but the extra design 
complexity is offset by the improved performance. The coupler is 
investigated in image and dielectric guides and should also be 
realizable in insular guide and inverted strip dielectric guide. 

II. THEORY 

The reflection and transmission properties of an infinite dielec
tric slab, thickness D, embedded in a different dielectric medium 
may be derived by consideration of multiple reflections at the 
two interfaces [6], [8]. Let a wave, represented in Fig. 1 by a ray, 
be incident on the slab at an angle 0;, A fraction r0 of the 
amplitude is reflected at an angle 0; and 1 + r0 refracted into the 
slab at an angle 0,. For a lossless dielectric, it reaches the second 
interface having suffered a phase delay of /32 D sec 0,, where /32 is 
the propagation constant in the slab. A fraction - r0 of the 
refracted ray is now reflected towards the first interface with 
1- r0 transmitted out of the film and so on. 

The reflection coefficient is obtained by summing all .the 
returning rays at a front normal to their propagation direction 
and then referring the front to the point of incidence 

00 

p= L ra 
a=O 

and similarly for the transmission coefficient 
00 

T = L tb. 

b=O 

Considering the returning rays, then 

r1 = r0 ( r0 -1)( r0 + 1) exp { - }2D(/32 sec 0, - /31 tan 0, sin0;)} 

r2 = rJ ( r0 -1)( r0 + 1) eJq> { - j4D( /32 sec 0, - /31 tan 0, sin0;)} 

Manuscript received January 23, 1984; revised August 20, 1984. 
The authors are with the Electronics Laboratories, University of Kent at 

Canterbury, Kent CTI 7NT, England. 
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Fig. 1. Schematic of multiple reflections in a dielectric film. 

where q := /32 cos 0, = /32 sec 8, - /31 tan 0, sin 0; . using Snell's law 

(r0 -l)(r0 +l) 00 

=>p=r0 +----- L rJnexp(-J2nqD) (1) 
ro n =l 

and after appropriate manipulation results in 

2jr0 tanqD 
p= . 

(1-rg}+ J(l+rg}tanqD 
(2) 

Since the general case of oblique incidence is being considered, 
r0 is the appropriate Fresnel reflection coefficient. 

Thus 

where 

}A tanqD 
P = B + JC tan qD 

B( 1 + tan2 qD )112 
T=-~---~-

B+ JCtanqD 

A= l -1 
(m,sf 

B=-2-
m,s 

1 C=---+l 
( m, s )2 

m= _!l. 1- '1 ' secO. (
€ )1;2( € sin20)

1
1

2 

€,1 €,2 1 

(
€ )

1
1
2
( € sin

2
0)-

112 
r2 l rl , 0 s= - - cos ;• 

€,1 €,2 

(3) 

(4) 

(Sa) 

(Sb) 

(Sc) 

(Sd) 

(Se) 

m or s are used for perpendicular and parallel polarization, 
respectively. 

Comparison of (3) and (4) reveals that the reflected wave leads 
the transmitted one by 90° independently of frequency, film 
thickness, and dielectric constants. Fig. 2 shows the variation of 
IPl 2 with qD. 

Maxima occur when 

'TT 
qD = ( 2 u + 1) 2 , u=0,1,2, ... 

=> IPl2 = A2;c2 (6) 

0018-9480/85/0002-0161$01.00 ©1985 IEEE 
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Fig. 2. !Reflection Coefficient12 versus qD. 
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Fig. 3. Configuration of coupling structure: 

and minima for 

qD=v'fT, 

= IPl2 = 0. 

V = 0,1,2, · · · 

III. DESIGN 

2w 

INPUT PORT 

(7) 

A broad-band coupler can be constructed implementing simple 
design equations. Let the coupling coefficient K be defined as 
the ratio of reflected to incident power. Optimum performance is 
achieved by having the Ininimum possible variation of K with 
frequency. This occurs around a maximum in Fig. 2 and design is 
centered there 

K=A2/C2 

= (1- K) m4 -2(1+ K)m 2 +(1- K) = 0 

for perpendicular polarization. 

Solving for m 2 and subsequently expressing m in terms of the 
two dielectric constants yield 

t:,2 = (l+K±2/K)/(1-K)+tan2 0; 

which for 0; = 45° has two realizable solutions 

t:,2 1 
-;;;=1+/K 

1 
1-/K. 
I 

(8a) 

(8b) 

The thickness of the film is defined for broad band by qD = 
'IT/2, i.e., u = 0 and using (8b) _. 

(9) 
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Fig. 4. Coupling coefficients versus frequency. 

0 

0 

0 

0 

0 

0 0 

Tt-EORY
EXPERl~Al 0 

2.0 ----,----,---,---,-----r----,,----,r-
26 28 30 32 34 36 38 40 

FREQUENCY (GHz) 

Fig. 5. Ratio of coupling coefficients versus frequency. 

The forementioned considerations are applicable in image and 
dielectric guide (Fig. 3) provided the EM waves are well guided 
(Appendix A). A modification is necessary because propagation 
in these media is defined by an effective dielectric constant [2], [9) 
which is related to frequency, guide dimensions, and dielectric 
constant via a transcendental equation. It replaces the dielectric 
constant wherever encountered. 

It should be noted that because of the frequency dependence of . 
the effective dielectric constant, maxima are no longer defined by 
(6) since A, B, and C are not constants. However, the frequency 
offset between true maxima and those defined by (6) is small, the 
difference in magnitude being negligible. For greater accuracy, 
the film thickness is easily adjusted using (3). 

In calculating the effective dielectric constant ratio it is best to 
use (8b) for the smallest refraction angle which for a finite film 
comes closest to (1). It also ensures that the effective dielectric 
constant ratio _is greater than unity whatever the coupling coeffi
cient. This does not allow a critical angle for total internal 
reflection at the film, and th.':refore transinission through it is 
always possible. 

IV. ExPERIMENTAL 

A 2-dB, 26-40-GHz image guide coupler was investigated 
using cross-linked polystyrene t:,1 = 2.53 and cross section 4.8 X 

2.4 mm as the guide. This required an aluinina film with dielectric 
constant t:,2 = 9.6 and thickness 0.625 mm. Power was launched 
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onto the guide via a waveguide transition (10]. The insertion loss 
of two transitions and a straight section of guide having equa1 
length as that used in the coupler was fjrst measured. T):ms, 
power at the coupler ports was corrected for noncoupler losses. 
The theoretical and experimental behavior of the coupler is 
shown in Fig. 4. · 

Fig. 5 illustrates thee: coupling ratio achieved using dielectric 
guide of cross sedic:m 5.5 X 5.5 mm and £,1 = 2.1 with tp.e same 
alumina film. An isolation better than 25 dBs was achieved 
throughout. In both cases, t4_e guide cross-sectional di~ensions 
[9] were calculated to be as large as possible while still supporting 
only monomode propagati9n at 40 GHz. · 

V. CONCLUSIQN 

The measurements show that over the entire band 26-40 GHz 
a 2.5-dB coupler has been constructed in image guide. The 
variation in coupling coefficient was within ± 0.4 dB of the 
average value, i.e., 2.5 dB. The output at. the isolated port was at 
least 20 dB down over this range. The theoretical model predicted 
a 2-dB coupling coefficient, with 4.33 d~ for the through port. It 
was found in practice that the dielectric film in the coupler did 
not make perfect contact with the ground plane an_d this resul~ed 
in more power going to the through port and less to the coupled 
port. This problem did not occur in the dielectric waveguide as 
there is no ground plane. · 

The broad-band performance can be attributed to the fact that 
coupling takes place in the thin dielec;tric film, and so these 
couplers will be much smaller than forward-wave couplers. Also, 
the ·small size reduces the overall attenuation of the circuitry. 

APPENDIX 

The approximation that a well-guided first-order image or 
dielectric guide mode is equivalent to a plane wave propagating 
a1ong the longitudinal axis of the guide follows directly from the 
Knox and Toulios [9] ~alysis. In this, the guiding structure is 
simplified to an infinite slab having an effective dielectric con
stant. Two plane waves can be used tc;> represent the slab guide 
TE or TM modes and these will be incident on the two slab 
boundaries at the same angle 90- lf, 0

, which is greater than the 
critical angle. Hence, the angles of inctdence of the two waves on 
a dielectric film oriented at 45° to the longitudinal axis and 
45 + !f, 0 and 45-lf, 0

, their reflection coefficients being i>4s+,p, P4s-,p· 
The overall reflection coefficient Pr for the mode is given by 

(Al) 

Provided If> is small, which will be the case for a guide with low 
dielectric constant ( even lower effective dielectric constant) and 
well-guided mode, then 

Pr"" P4s· 

Otherwise, q, must be evaiuated from 

(A2) 

(A3) 

where K,, Kx are the longitudinal and transverse propagation 
constants, respectively, i~ the slab; and Al used in the design 
routine. 
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Abstract-An iter11tive method is proposed for solving the electromag
netic deposition inside lossy inhomogeneous dielectric bodies. The tech
nique uses the conventional method of moments to formulate the problem 
in .matrix form. The resulting system of lif!ear equations is sol~ed itera-
tively by the 'method of conjugate gradients. . . 

The· main advantage of the method is that the iterative procedure does 
not r~uire the storage of any . !llatrix, thus of(ering the possibility of 
solving larger problem_s compared to conventional inversion or Gaussian 
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I. INTRODUCTION 

An important problem in the electromagnetic heating of deep
seated tumors, or hyperthermia, is the determination of the 
electromagnetic field distribution and power deposition inside 
illuminated lossy inhomogeneous dielectric bodies. Analytical 
techniques that guarantee a unique and exact solution are appli
cable for simple geometries only. For approximate solutions of a 
wider range of problems, many numerical or asymptotic tech
niques are available, including the method of moments [1]-[3], 
the finite-element method [4], the extended boundary condition 
method and its iterative version [5]-[7], and the geometrical 
theory of diffraction [8]. 

For reasonably accurate modeling of many problems of inter
est, numerical techniques such as the method of moments usually 
require a large number of basis functions, thus leading to large 
matrix equations often exceeding the storage capability of the 
computer. For these problems, the resulting system of linear 
equations cannot be solved by conventional methods that require 
the storage of the matrix, such as in complete matrix inversion, 
Gaussian elimination, or LU decomposition. This type of limita
tion is usually encountered in problems where the electromag
netic field distribution is to be determined in biological bodies in 
the resonance and post-resonance frequency range. 

Iterative techniques offer the possibility of solving large sys
tems of equations without requiring the storage of any matrices. 
In a survey of numerical techniques for the solution of large 
systems of linear equations, Sarkar et al. [9] enumerate the 
relative advantages and disadvantages of the various popular 
iterative methods. One of the best available techniques at present 
is the method of conjugate gradients, where a finite number of 
iterations, usually less than the order of the matrix, is sufficient 
to obtain the desired solution [10]. 

In this paper, we apply the method of conjugate gradients to 
extend that range of the method of moments to larger problems. 
The study is confined to the characterization of the electromag
netic field distribution inside two-dimensional inhomogeneous 
lossy cylinders illuminated by a TM plane wave. The same 
procedure applies for the more general three-dimensional case 
also. In this approach, the computer storage requirements are 
proportional to the total number of unknowns only, and not to 
the square of that number, as required by many of the conven
tional techniques for solving linear equations. 

The method of conjugate gradients is a versatile mathematical 
tool that can be used to supplement and increase the range of the 
method of moments, as demonstrated here, as well as of many 
other existing numerical methods for solving electromagnetic 
problems. This type of iterative technique has been recently 
applied to several electromagnetic problems involving perfect 
conductors [11]-[13] and dielectric bodies as well [14], [15]. 

II. FORMULATION BY THE METHOD OF MOMENTS 

Consider the two-dimensional inhomogeneous dielectric cylin
der of arbitrary cross section illustrated in Fig. 1. The cylinder is 
illuminated by an incident TM plane wave E;. Both the incident , 
field and the induced polarization current have only a z compo
nent. The polarization current satisfies the integral equation [1], 

[16] 

. J(x,y) + kn ff J(x',y')Hfl(klp-p'l)dx'dy' 
JW€o(£,(x,y)-1) 4 So 

=E;(x,y) (1) 

where the complex relative permittivity£, is inhomogeneous only 

y 

(.}..---------------x 
z 

Fig. 1. Cross section of an arbitrarily shaped two-dimensional lossy-inhomo
geneous dielectric cylinder illuminated by a TM plane wave. 

in the transverse coordinates, Sv is the support of the dielectric 
cylinder, HJ2l is the Hankel function of the second kind, zero 
order, and where -

IP -p'I =/(x - x')2 +(y- y')
2 

• (2) 

The application of the method of moments converts the in
tegral equation (1) into a matrix equation, where the polarization 
current is the unknown vector to be determined 

(3) 

Matrix equations resulting from application of the method of 
moments are usually solved by conventional direct methods 
including matrix inversion, Gaussian elimination, and LU de
composition. The approach that will be used in this paper to 
solve the matrix equation (3) is based on an iterative process; 
known as the method of conjugate gradients, where the matrix 
elements are not stored, but are generated repeatedly as needed 
during each iteration. It is thus important to find the most 
efficient way to generate the matrix elements. In this initial study, 
we have chosen to use the simplest basis and testing functions, 
pulse and delta functions, respectively, because this choice allows 
us to compute the · matrix elements in a very efficient manner. 
However, in some cases, it may be more advantageous to use a 
smaller number of higher order functions, although the computa
tion of each matrix element will be less efficient. 

The cross section of the dielectric cylinder is divided into a 
total of N cells, where each cell is chosen small enough to ensure 
uniformity of the current. When the integral equation (1) is 
enforced at the center of each cell, the resulting expressions for 
the elements of the impedance matrix Z are obtained and are 
given by 

_ 1 k11 JJ -<2J ( _ ) d d 
zpq - _ ( ) + 4 H0 klPp Pql xq Yq 

JW£o £,(xp,Yp)-1 s. 

(4) 

where Sq is the area of the q th cell. An approximation to the 
integral in ( 4) is obtained by assuming that cell q is circular with 
radius aq given by 

aq = ( ~q r/2 (5) 

With this assumption, the approximation to the integral is ob
tained analytically [1]. The resulting approximate expressions for 
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the impedance matrix elements are given by 

( 6) 

where J1 and Hf2l are the Bessel function, order one, and the 
Hankel function of the second kind, order one, respectively. 

The computational time for the off-diagonal elements can be 
reduced by scaling the matrix equation (3) in the following way: 

(7) 

where 

(8) 

The matrix equation (7) is solved for j'. After rescaling the 
polarization current, the total electric field can be obtained by 
.application of the constitutive relationship 

J(xp,Yp) 

Ill. ITERATIVE SOLUTION BY THE METHOD OF 

CONJUGATE GRADIENTS 

. The basic principles behind the method of conjugate direc
tions, in general, and the method of conjugate gradients, in 
particular, are described in an original paper by Hestenes and 
Stiefel (10). For the solution of any complex matrix equation 
AJ; = 12, the method of conjugate gradients starts with an initial 
guess for J:, J:<0>, and generates the residual vector 

(10) 

and the direction vector 

(11) 

where A* is the complex conjugate transpose of A. The iterative 
process starts at this point, and proceeds as follows for the nth 
iterative step: 

IIA* B(n-l)ll2 (A* B(n-l) ,( A* R(n-l)) *) 
a = = 

n IIA1'nll2 (Al'\(A.r)*) 

x<n) = x<n-1) + a p(n) 
- - n-

R(n) = R(n-1) + a AP(n) 
- - n -

IIA*B<n>112 
13n = IIA*B(n-1)112 

(12) 

(13) 

(14) 

(15) 

(16) 

It has been demonstrated that, for the case when no rounding
off errors occur, the method of conjugate gradients converges. to 
the exact solution of the matrix equation, in at most N steps, 
where N is the order of the square matrix A. (10). The iterative 
algorithm given above applies to any systems A,!= 12, where A 
may be a complex nonHermitian matrix, of the type often 
encountered in electromagnetic problems. In particular, it applies 
to the matrix equation (7). 

In any iterative process, a prespecified criterion has to be 
selected, such as to terminate the iteration whenever a desired 

degree of accuracy is present in the solution. In the method of 
conjugate gradients, one could stop the iteration after N steps, 
thus making sure that the solution is exact, assuming no apprecia
ble rounding-off errors occur. However, one can terminate the 
iteration at a much earlier step, while still keeping the degree of 
accuracy in the solution within acceptable limits. A good and 
reliable measure of accuracy is believed to be the root-mean
square error per sample, defined as 1 

8 = (B(n),(B(n))*)112 = IIR(n)II 
n N N (17) 

At the nth iterative step, the norm of the residual vector is 
given by (17) 

IIA*Rcn-iJll4 

IIB(n)ll2 = IIB(n-l)ll2 - -----
IIA1'(n)112 

(18) 

From (18), it is obvious that both the norm of the residual 
IIB(n) II, as well as its normalized value 8n, are monotonically 
decreasing quantities. 

. Another measure of accuracy which may be more meaningful 
is defined as 

8n . IIB(n)II 
y = =--

n IIJ:(n)II/N IIJ:(n)II. 
(19) 

A value of Yn = 0.001 means that the degree of accuracy in the 
solution is at best 3 significant digits for all samples. Thus, for 3 
significant digits of accuracy, Yn has to be less than 0.001. A 
value of 10- 4 may be a reasonably good choice . 

IV. SOME NUMERICAL ExAMPLES 

The matrix equation (7) has been solved iteratively by the 
method of conjugate gradients for several two-dimensional dielec
tric problems. After obtaining the solution to (7), the polarization 
current is computed from (8). The matrix elements are never 
stored. To speed up the computational time for the matrix 
elements, a look-up table for the Hankel function of the second 
kind, order one, is constructed before the initialization of the 
iterative process. The look-up table is later used to approximate 
Hankel functions by linear interpolation. 

Fig. 2(a) and (b) illustrates the normalized current density on a 
40-cm strip of muscle, induced by a plane TM wave at 915 MHz, 
normal incidence (Fig. 2(a)), and grazing incidence (Fig. 2(b)). 
For each case, the same current distribution is observed whether 
the strip is divided 'into 100, 75, or 50 cells. In both cases, 
satisfactory results are also obtained when the strip is divided in 
25 cells only. Similar observations are made for a 100-cm fat strip 
with normal incident (Fig. 3(a)) and grazing incident (Fig. 3(b)) 
TM fields at 915 MHz. However, for the case of normal inci
dence, the strip must be divided into more than 25 cells for 
satisfact<;>ry results (Fig. 3(a)). 

Inhomogeneous problems involving both fat and muscle have 
also been solved by the same approach. Fig. 4(a) and. (b) il
lustrates the polarization current induced on a 90-cm strip of fat 
and muscle, illuminated by a 915-MHz plane TM wave at normal 
incidence (Fig. 4(a)), and grazing incidence (Fig. 4(b)). Relative 
.to the coordinates system used, the fat-muscle interface xFM is 
located at O cm (all muscle), 30. cm (one-third fat, two-thirds 
muscle), 60 cm (two-thirds fat, one-third muscle), and 90 cm (all 
fat). For the normal incidence case, and for the cases where xFM 

1 Note that other normalizations for the definition of 8" are also possible and 
that the choice of the normalization does not affect the variation of 8" with 
iteration. 

J 
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. Fig. 2. 
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Fig. 3. Current .induced on a 100-cm strip of fat with a (a) normally incident 
or (b) grazing incident TM plane wave at 915 MHz. 

is located at 30 cm. or 60 cin, the current induced in the fat 
portion, away from the interface, is identical to the current that is 
induced in a homogeneous strip of fat. Similarly, the current 
induced in the muscle portion, away from the interface, is identi
cal to the current induced in a homogeneous strip of muscle (Fig. 
4(a)). The shape and magnitude of the current distribution at and 
near the interface are the same, whether the interface is located at 
30 cm or 60 cm (Fig. 4(a)). It is interesting to note that the 
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Fig. 4. (a) Polarization current induced on a 90-cm strip of fat and muscle 
illuminated by a 915-MHz plane TM wave at normal incidence. (b) Polariza
tion current induced on _a 90-cm sii:ip of fat and muscle illuminated by a 
915-MHz plane TM wave at grazing incidence. 

portion over which the. disturbance in the current distribution is 
created by the presence of the interface is roughly equal to one 
wavelength in free space, 32.8 cm. F()r the grazing incidence case, 
the shape of the current distribution at and near the interface is 
the same, while the magnitude is smaller for the case where the 
interface is located at 60 cm, because of the attenuation of the 
wave as it travels through the extra 30-cm strip of fat (Fig. 4(b)). 

More complicated inhomogeneous problems have also been 
solved iteratively by the method of conjugate gradients: Fig. 5(b) 
shows the current induced in the cylindrical structure illustrated 
in Fig. 5(a). This problem is first solved on a CDC Cyber 175 
computer using a total of 216 samples, with zero for initial guess. 
The toot-mean-square error per sample 8" is plotted in the firs 
portion of the lower curve in Fig. 5(c). The solution is then use 
as an initial guess to solve the same problem with finer samplin 
in muscle, with a total of 432 samples. The root-mean-squar 
error per sample for this case is illustrated in the second portio 
of the lower curve in Fig. 5(c): A much longer computational tim 
would have been required had we started with zero for initi 
guess, as illustrated in the upper curve of Fig. 5(c). There is n 
significant difference in the current distributions for the cases 
216 and 432 samples. 
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Fig._ 5. (a)Two-dimensional rectangular cylinder contrurung both fat and 
muscle, illuminated by a normally incident TM plane wave at 915 MHz. (b) 
A view of the current induced in the structure shown in Fig. 5(a) .. (c) 
Convergence of the method of conjugate gradients when solving for the 
current induced in the structure shown in Fig. 5(a): the root-mean-square 
error per sample as a function of CPU time. 

V. CONCLUDING REMARKS 

The problem of electromagnetic field distribution inside inho
mogeneous lossy dielectrics is formulated in matrix form by the 
method of moments, with pulse basis functions and point match
ing. The resulting system of N linear equations is solved itera
tively by the method of conjugate gradients. Since no matrix 
elements are stored, the computer storage requirements are con
siderably less than is required in conventional inversion, 
Gaussian elimination, or LU decomposition schemes. The storage 
requirement for these conventional schemes is usually of the 
order of N 2

, compared to 5N for the method of conjugate 
gradients. With a clear saving in computer storage space, the 
iterative approach offers the possibility of solving larger prob
lems, at the expense of more computational time to generate the 
matrix elements. 

Another advantage of the method is that the iterative process is 
guaranteed to converge monotonically to a solution in at most N 
steps, regardless of the initial guess, with the option of terminat
ing the iteration automatically, once a prespecified criterion has 
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Fig. 5. ( Continued) 

been met. The criterion for stopping the iterative process is based 
on the fact that the norm of the residual vector is a monotoni
cally decreasing quantity. 

In the numerical solution of large systems of linear equations, 
one is confronted with· the possibility that the computed results 
may be severely contaminated by the accumulation of rounding
off errors. In the method of conjugate gradients, one has the 
option of checking whether appreciable rounding-off errors have 
accumulated, by computing the residual vector directly, at the 
completion of the final iteration, BU)= zfn - Ji;, and compar
ing the result with the residual vector that has been updated 
through the iterative process as in (14). 

As has been mentioned already, convergence of the method of 
conjugate gradients does not depend on the initial guess. How
ever, referring to Fig. 5(c), it is possible in some cases to save a 
considerable amount of computer time by starting with a good 
initial guess, even when the computational time to obtain this 
guess is accounted for. 

As presented here, the method of conjugate gradients is not by 
itself a method to solve electromagnetic problems. Instead, it is 
presented as a mathematical tool that can be used to supplement 
and increase the range of many existing methods, the method of 
moments being just one of them. It is, however, possible to apply 
the method of conjugate gradients directly to integrodifferential 
operator equations without the intermediate step of formulating a 
specific matrix equation by any conventional method, as has been 
demonstrated recently by other authors [11], [12], [14], [15]. 
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On the Graceful Degradation Performance of 
Multiple-Device Oscillators 

S. SARKAR AND M. C. AGRA WAL 

Abstract -Kurokawa's theory of multiple-device oscillators is extended 
to an analysis of the graceful degradation performance (GD) of the 
power-combined oscillators. The analysis shows that the failure of some of 
the constituent devices of a multiple-device oscillator results in a load-pull 
effect on the operating devices along with a degradation of power-combin
ing efficiency of the oscillator circuit. A tradeoff exists between power . 
output and circuit improvement of the GD. 

I. INTRODUCTION 

In many applications, a number of oscillating devices (such as 
Gunn's, IMPATI's, etc.) are power combined to generate the 
required level of microwave power [1], [2]. One of the require
ments of such multiple-device oscillators is that the power output 
degrades gracefully as one or more of its constituent devices fail 
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part of a research project supported by the University Grants Commission, 
India, under the Special Assistance Program. 

The authors are with the Department of Electronics and Communication 
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to operate. The graceful degradation performance (GD) is given 
by the oscillator power output expressed as a fraction of its 
no-failure power level. It has been observed [1], [3] that in 
practice the GD is well below the ideal which corresponds to 
power reduction by just the amount contributed by the failed 
devices. Saleh [4] and Kinman et al. [5] showed that the deviation 
of the GD from the ideal is in some way connected with the 
circuitry involved. In this paper, an attempt has been made to 

, identify the factors which govern the GD of multiple-device 
oscillators. 

II. FACTORS OF THE GD 

Typically, a multiple-device oscillator [6] consists of ~ number 
N of identical negative conductance devices, each terminated by a 
conductance G0 and equally coupled to a power-combining reso
nator. Fig. 1 shows the coupling between the resonator and one 
of the devices. Dots signify the existence of the other devices. The 
device is represented by its negative conductance - gD (AK) and 
susceptance bv, where AK is the RF voltage amplitude that the 
device sees across its terminals T - T, when K of devices operate. 
The resonator is equivalent to a parallel combination of its loss 
conductance Ge, externally coupled load conductance Gv a 
capacitance C, and an inductance L. In Fig. 1, the insert between 
the device and its terminals T - T shows the effective load 
conductance gL(K) and susceptance bL(K) presented across the 
device by the entire circuit to the right of T - T. Since all the 
devices are equally coupled to the resonator ( n : 1) they see the 
same AK, gL(K), and bL(K). 

Assuming that M of the devices belonging to the oscillator · 
described above fail identically and behave as open circuits after 
failure, it can be shown through Kurokawa's analysis [6], that the 
GD in decibels is of the form 

GD=IDPD+ ED+ID, db 

where 

IDPD =lOlo N-M e L n ° 
[( 

A )
2 

G + G + 
2
G N l 

g
10 

AN Ge+ GL + n1G0N(l- M/N) ' 

db 

ED=lOlo [(1_M) Ge+GL+n
1
G0 N l 

g
10 

N Ge+ GL + n1G0N(l- M/N) ' 

db 

ID =10log10 (1-M/N), db. 

(1) 

(2) 

(3) 

(4) 

The ratio of load conductance seen by an individual device for 
K = N - M to that for K = N is [6] 

(5) 

From (2) and (5) it can be easily seen that the individual diode 
power degradation (IDPD) represents the effect of device failure 
on the power output of each individual device. In other words, 
with device failure, the operating devices experience.a load-pull 
effect. From Kurokawa's analysis [6], it also follows that the 
efficiency degradation (ED) as given by (3) stands for the effect 
of device failure on the power-combining efficiency of the oscilla
tor circuit. The ideal power degradation (ID) is given by ( 4). 
Thus, the factors of the GD are represented by its tluee compo
nents IDPD, ED, and ID. 

0018-9480/85/0002-0168$01.00 ©1985 IEEE 
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Fig. 1. Coupling between a device and the power-combining resonator of a 
multiple-device oscillator. 
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Fig. 2. Device negative conductance as a function of RF voltage amplitude. 
Insert shows P1 as a function of gL ( K). 

The dependence of the GD on the circuit parameters is evident 
from (2) and (3). The amplitude ratio AN-MIAN, to some extent, 
is determined by the inherent parameters of the devices. Its 
involvement in (2), therefore, implies a dependence of the GD on 
the behavior of the devices. When M « N, it is quite in order to 
assume that AN= AN-M· For such cases, it readily follows from 
(1)-(4) that · 

( 6) 

Some experimental observations on the GD [1], [3] can be ap
proximated by (6). This means that the GD is independent of 
circuit and device parameters, as long as the number of failed 
devices is negligibly small compared with the number of operat
ing ones. 

Ill. NUMERICAL ExAMPLE 

The analysis just presented shows that the factors which de
termine the GD are the power-generating inability of the failed 
devices, the load-pull effect experienced by the operating devices, 
and a fall in the power-combining efficiency of the oscillator 
circuit. In order to estimate the contributions of these factors 
towards the GD, a numerical example will now be presented. For 
this purpose, a multiple-device oscillator consisting of 10 negative 
conductance devices is considered. It is assumed that the devices 
are identical and have a negative conductance function, 
- gv(AK ), as shown in Fig. 2, which resembles the same for 
some of the Gunn diodes [7]. The power output P; of such a 
device as obtained from the oscillation condition 

(7) 

is shown as a function of gL ( K) in Fig. 2 (insert). For a 
combination of 10 such devices, the GD and its three compo
nents have been calculated from (1)-(4), for Ge= 0.001 mu and 
various values of the parameters G0 ,Gv n, and M. The plots of 
GD, IDPD, ED, ID, and gdK) as functions of the relative 
number of failed devices (M/N) are illustrated in Fig. 3. For the 
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Fig. 3. gdK), GD, and its components as function of M/N. (a) GL = 1.81 
mU, gL(N) < g0 P" (b) GL = 4.0 mU, gdN) = g0 P" (c) GL = 35 mU, gL(N) 
> gopt· 

sake of concision, only three cases are shown. G0 and n for all 
the three cases are 100 m U and 0.6, respectively. 

Fig. 3 shows that the major factor responsible for the deviation 
of the GD from the ideal (ID) is the load-pull effect represented 
by IDPD. Interestingly, the IDPD by itself does not necessarily 
mean degradation. For example, when GL is 1.81 mU (Fig. 3(a)) 
over a wide range of M/N, the IDPD compensates for the power 
degradation caused by the power-generating inability of the failed 
devices (ID) and the fall in power-combining efficiency (ED). 
The power compensating effect, however, ceases when M/N 
exceeds 0.71. For M/N > 0.71, the IDPD, like the other: two 
components of the GD, represents degradation. The mechanism, 
which results in the power compensation and subsequent power 
degradation as indicated by IDPD in Fig. 3(a), can be under
stood from a consideration of the influence of M/N on gL(K). 
For a GL of 1.81 mU, the no-failure terminal load conductance 
gL ( N) seen by each device is 0.5 m . This is less than the 
optimum terminal conductance gopo which is 1.11 m U as indi
cated by an arrow head in Fig. 2 (insert). With the failure of one 
or more of the devices, gL ( K) first approaches g0 P1 from its 
initial value of gL ( N). As a result, until gL ( K) is equal to g

0
pi, 
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P; improves with the increase in the number of failed devices. 

When gL(K) equals g0P" P,- reaches its peak. At this stage, 

maximum power compensation occurs. A further increase in the 

number of failed devices pulls gL(K) above g0P" and P; falls 

towards its no-failure level (PN). For a certain M/N, P; equals 

PN and power compensation ceases. If M/N exceeds this limit, 

P; falls below PN and the IDPD makes a negative contribution 

towards the GD. 
A comparison: of the IDPD versus M/N plots in Fig. 3(b) and 

(c) with that in Fig. 3(a) shows that power compensation due to 

the load-pull effect occurs only when gL(N) < gopt· For gL(N) ;;i, 

g 0 P" gL ( K) only recedes away from gopt as M / N increases. 

Consequently, in such cases, power compensation never takes 

place and P; degrades as one or more of the devices fail. This is 

implied by the negative IDPD, over the entire range of M/N in 

Fig. 3(b) and (c). The illustrations in Fig. 3 also demonstrate that 

the rate of change of the IDPD with M/N is different for 

different gL ( N). Depending upon. gL ( N), it may even undergo 

drastic variations as M/ N increases (Fig. 3(b)). These deviations 

in the rate of change of the IDPD arises out of the fact that the 

P; variation with gL(K) is not uniform (Fig. 2) Actually, much 

depends upon the gL(N) and P; variations over the gL(K) 

pulling range. The dependence of P; on gL(K) is an inherent 

property of an individual device. Thus, the IDPD variation with 

M/N is device dependent. The IDPD being one of the major 

components of the GD, the device dependence of the former 

strongly reflects on the latter. A better GD will result if the 

IDPD variation with M/N can be made slower. As (2) shows, 

this is achieved if the devices used have gD (AK) functions of 

steeper slopes and the product n2G0 is small enough to make 

gdK) a slowly varying function of M/N. By meeting the first 

requirement, GD improvement can be effected by device level 

considerations. As will be shown subsequently, the second re

quirement is in opposition to the circuit requirements for high 

power output, with all the devices operating. 
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Fig. 4. GD and PN as functions of (a) GL for M/N = 0.4, n = 0.6, G0 = 100 

m!J, (b) n for M/ N = 0.4, GL = 4.0 m!J, G0 = 100 m!J, and (c) G0 for 

M/N=0.4, GL=4.0m!J, n=0.6. 

IV. CONCLUSIONS 

Based on Kurokawa's theory of multiple-device oscillators [6], 

the factors which determine the GD of such oscillators are 

identified. It is found that, with the failure of one or more of the 

devices belonging to a multiple-device oscillator, the power out

put of the operating ones undergo an appreciable change due to 

the load-pull effect. This change in power depends on the circuit 

and device parameters. The power variation of the operating 

devices is accompanied by a degradation of the power-combining 

efficiency of the oscillator circuit. Combining efficiency degrada

tion is also circuit dependent. These two factors, along with the 

power-generating inability of the failed devices, determine GD. 

The analysis shows that possibilities of improving the GD by 

circuit- and device-level considerations exist. The circuit-level 

improvement of the GD can, however, be achieved only at the 

expense of the power output of the oscillator. 
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Comments on "EM Local Heating with HF 
Electric Fields" 

MARK J. HAGMANN, MEMBER, IEEE 

The above paper1 recently described a syntliesis procedure tliat 
is intended for use in· designing multisection capacitor-plate 
applicators for treatment by hyperthermia. The distribution of 
potentials on the subelectrodes is determined in order to obtain a 
specified pattern of energy deposition. While tlie derivation in 
tliat paper appears to be sound, considerable care must be used if 
the procedure is to be applied for the. design of a practical 
applicator for use in patient treatment. 

The synthesis procedure is derived using the metliod of _mo
ments [1] with a pulse-function basis and point inatching. It is 
necessary to consider tlie limitations inherent in ilii_s choice of 
basis and testing. For example, it is essential that all variables 
represented by pulse~functions have little variation between ad
jacent subvolumes. This requirement is severely violated by both 
the desired· SAR distribution specified in their Fig. 7 and the 
calculated potential distribution shown in tlieir Fig. 8. It , is 
surprising tliat the autliors did not realize the significance of tlie 
instability in tlieir soiution when the calculated potentials Were as 
high as 480 MV witli a phase difference of approximately 180 
degrees between adjacent subelectrodes. This is reminiscent_ of 
the instability in tlie coefficients obtained when one attempts to 
force a polynomial of high degree tllrough a set of points. The 
calculated values of potential are likely to be highly sensitive to 
approximations made in evaluating tlie matrix elements. There is 
an additional limitation due to point matching in that even when 
a solution is compatible with a pulse-function basis the local 
energy deposition may oscillate from tlie specified values at 
locations between the centers of tlie subvolumes. The experiments 
described do not support tlie syntliesis procedure since they are 
only tests of forward solutions. The good agreement of tlieory 
with tlie data in the two experiments is undoubtedly dependent 
on tlie fact that tlie specified potential distributions and the 
calculated values of electric field are all slowly varying functions 
for which the pulse-function basis is appropriate. 

In unpublished work done in 1977, I developed a similar 
synthesis procedure for use in two-diinensional problems. The 
required distribution of currents in a sheatli of parallel wires was 
determined such tliat a specified pattern of deposition was ob
tained witliin a cylindrical target. Some problems encountered 
were similar to tliose described by Hessary and Chen. For exam
ple, the calculated currents had unrealistically high magnitudes 
and tended to be approximately opposite in sense for adjacent 
wires. The magnitudes of the currents were found to increase 
sharply as the number of wires in tlie sheatli was increased. 
Subsequently, a synthesis procedure was developed for optimiza-
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tion of the regional deposition in a block model, of man by 
~arying only the currents and locations for a small number of 
dipoles. The latter procedure was found to have stable solutions 
with practical values for all parameters and may be considered 
for use in hypertliermia [2]. 

Rep/y 2 by Kun-Mu Chen 3 

Some explanations· are in order to answer Dr. Hagmann's 
comments on our paper. . 

The major portion of our paper was devoted to tlie develop
ment of a theoretical method for analyzing the induced. EM field 
in a biological body placed between a pair of capacitor-plate 
electrodes. Only a section of the paper dealt with tlie synthesis .of 
the capacitor-plate array applicator. The purpose of tliis section 
was to demonstrate, tlieoretically, a' possibility of syntliesizing a 
potential distribution on tlie array to produce a desired heating 
pattern inside t~e biological body. Our result showed an unstable 
potential distribution (very high amplitudes and phase reversal 
between array elements) for the array. This instability was clearly 
pointed out in our paper and tliis phenomenon was compared 
with tliat of the super gain antenna array. We have performed a 
numerical test by calculating tlie distribution of an induced EM 
field witliin a single cell witli a syntliesized array potential 
distribution. This numerical test indicated q fair accuracy of the 
theoretical results. Nevertheless, we cautioned tliat if more accu
rate results are neede4· tlie body needs to be _subdivided into a 

· larger number of cells and_ a larger computer is needed for 
calculation. We also commented in tlie conclusion tliat tlie re
quired potential distribution for a highly localized heating pattern 
may become quite unrealistic arid unst<ible for tlie practical 
implementation. Besides those explanations; perhaps, '!le should 
not tule out a remote possibility that tlie unstable potential 
distribution was entirely due to nimierical instability. 

Our experiment was designed to check tlie accuracy of tlie 
analytical metliod developed for the capacitor-plate applicator. 
This is obvious from tlie geometry of our experimental model. 
There was no attempt made to experiinentally _check tlie accuracy 
of theoretical results on the capacitor-plate array applicator. We 
would like to add tliat the problems concerning tlie numerical 
solution of an EFIF using the metliod of moments, as pointed 
out by Dr. Hagmann, are well known among EM researchers, 
including tlie autliors. 
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Comments on "On the Definition of Parameters in 
Ferrite-Electromagnetic Wave Interactions" 

ELHILAL Y M. A. EID 

In the above paper,1 Bolle and Lewin discuss definitions of 

some parameters characterizing the material in ferrite-electromag

netic wave interactions. According_ to this discussion, the direc

tion of propagation, and not the direction of magnetization, is 

recommended as a reference direction. In this letter it is shown 

however, that this is not generally valid. Some exam~les are used 

to show instants where the parameters are better referred to the 

direction of magnetization in order to avoid unnecessary confu

sion. 

Examples 
I) Definition of the Sense of a Circularly Polarized Wave: 

Consider the permeability tensor 

with µ, 2 as a negative real quantity ( w0 > w ). When an infinite 

ferrite medium, magnetized in the z-direction, is excited by an 

electromagnetic wave propagating along the z-direction, and cir

cularly polarized in the x - y plane, the ferrite presents a scalar 

permeability µ,,+ = µ,1 - µ, 2 for one sense of polarization, and 

µ,,_ = µ,1 + µ, 2 for the other sense. A resonance occurs in µ,,+ due 

to the strong interaction between the precessing electrons of the 

ferrite and the correspondi11-g electromagnetic wave [1]. Here, the 

circularly polarized wave rotates in the same direction as that of 

the precessing electrons about the de. f1eld, as shown in Fig. 1. 

The rotation is clockwise for a de field Jong the z-axis. Notice 

that the anticlockwise direction indicated is with respect to the 

(- z) axis, inside the paper, which becomes clockwise with re

spect to the z-axis. 
On the other hand, when the exciting wave is plane-polarized, a 

split occurs such that two counter rotating circularly polarized 

components propagate with different propagation constants. For 

a uniform plane wave in an infinite medium, the two propagation 

constants are associated with µ,,+ and µ,,_. For a nonuniform 

plane wave, such as a guided wave in a ferrite-loaded circular 

waveguide, a usual 8-dependence of the form expjnfJ, n = 1,2, ... , 

and n = -1, - 2, ... , is taken to account for the negative and the 

positive components, respectively (assuming expjwt time depen

dence). 
In all these cases, the sense of rotation is defined with respect 

to the direction of rotation of the precessing electrons about the 

de field. When the direction of the de field is reversed the sense 

of the circularly polarized wave should also be reversed such that 

the positive component is associated with the scalar permeability 

which exhibits resonance, or with the exp(- jnO) dependence. 

Taking the definition with respect to the direction of propagation 

may cause confusion since no reference to the direction of · the 

precessing electrons will be possible. 
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Fig. 1. Direction of rotation in positive circular polarization and direction of 

electron precession, both indicated by the arrow in the circular path. 

X 

Fig. 2. Structures with transversely magnetized ferrites. 

2) Case of a Transversely Magnetized Ferrite: Approximate 

splutions to problems incorporating nonuniform plane-wave 

propagation through transversely magnetized ferrites may be 

obtained by considering circularly polarized waves with longitu

dinally magnetized ferrites. Structures such as shown in Fig. 2 are 

dealt with by considering hx and h, as constituting a circularly 

polarized magnetic field [2]. Since the de field (in they-direction) 

is normal to the plane of polarization ( the x- z plane), the 

problem becomes approxiniately equivalent to the cases of longi

tudinally magnetized ferrites C;Onsidered in Example 1 where the 

permeability tensor is reduced toµ,,+ andµ,,_. 

3) Case of a Circular Waveguide Loaded at the Center with a 

Longitudinally Magnetized Ferrite Rod: The normal propagating 

modes of this structure are hybrid. It is only at cutoff, that is, at 

Y, = 0, that these modes reduce to pure E and H modes [3]. The 

interesting fact is that the longitudinally magnetized structure 

behaves at cutoff as an infinite ferrite medium with _the de 

magnetization transverse to the direction of propagation. In both 

cases, there are two scalar permeabilities. The first is just µ,0 

leading to the usual_ TEM mode in the infinite medium and to the 

H cutoff mode in the loaded circular guide. The second scalar 

permeability is equal toµ,,= (µ,f - µ,D/µ, 1 leading to an H-mode 

propagation in the infinite medium. In the loaded circular guide, 

µ,, . is associated with an E cutoff mode which has H-mode 

characteristics at y, * 0 and in the limit of increasing radius. The 

common factor between _the two problems is the absence of 

dependence along the direction of magnetization (the z-axis). 

This again would be difficult to detect if the.different phenomena 

were referred to the direction of propagation. 

Reply 2 by L. Lewin 3 

The original 1973 letter by Bolle and Lewin was intended to 

draw attention to several possible different sources of sign error 

when using published formulas on ferrite parameters. It is not so 
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much that one author's definition is better than another's as that 
the existence of different definitions itself can cause _both error 
and confusion. The direction of precessing electrons certainly has 
relevance to the direction of an applied field; and the direction of 
circular polarization of a plane wave is similarly normally re
ferred to its direction of propagation. The confusion arises, in 
part, when, say, a right-handed circular polarization of a propa
gating wave is referred to an applied field direction which could 
be parallel or antiparallel to the propagation direction. When the 
applied field changes· direction, the polarization remains unal
tered in the first case but becomes reversed in the second. 

When reading a paper on the subject, one needs to be aware of 
which definition has been used, particularly since it may not have 
been explicitly stated. Mr; Eid's preference for defining circular 
polarization with respect to the applied field rather than the 
direction of propagation is exemplified by his statement, " .... the 
parameters are better referred to the direction· of magnetization 
in order to avoid unnecessary confusion." This may be contrasted 
with our penultimate paragraph which concludes with "Defining 
the sense of circular polarization with respect to the applied field, 
as is sometimes done, introduces yet a further source of sign 
confusion to the subject." I feel that the confusion really comes 
from the existence of differing definitions (which is something 
that cannot be expected to go away), together with an author's 
failure to clearly state which definition is being used, rather than 
because one particular definition may be inherently confusing. 
Mr. Eid's point about the difficulty in referring the polarization 
to the propagation direction when the wave is at cutoff is well 
taken, but the difficulty persists in· the unmagnetized case, i~ 
which only the coordinate axis survives as a reference direction. 
(This is a yet further possible source of confusion that we hadn't 
come up with in our earlier letter!) Since, in the absence of an 
applied field, the latter cannot be used as a reference direction, 
we had preferred the propagation direction for the definition. The 
very last thing we want is to switch definitions according to the 
presence or absence of an applied field; the difficulty of the 
cutoff case notwithstanding. I think the lesson of all this remains 
as set out previously, namely, that one should a) specify the 
definition one is using, and b) when quoting from the literature, 
make sure that an unwitting error in presuming, incorrectly, the 
use of a certain definition, is not made.• 

REFERENCES 

[1] C. L. Hogan, "The elements of non-reciprocal microwave devices," Proc. 
IRE, vol. 44, pp. 1345-1368, Oct. 1956. 

[2] .A. G. Fox, S. E. Miller, and M. T. Weiss, "Behavior of ferrites in the 
microwave region," Bell Telephone Monograph, no. 2370, p. 30. 

[3] P. J. B. Clarricoats, Microwave Ferrites, Chapman and Hall, 1961, p. 156. 

Corrections to "A Short History of Microwave 
Acoustics" 

JEFFREY H. COLLINS, FELLOW, IEEE 

In regard to Section III of the above paper,1 John Eshbach has 
brought to my attention that the original experiments on micro
wave magi:J.etoelastic YIG delay lines were performed by him on 
disc-shaped geometries and published in 1962 [1]. His 1963 paper 
[2] gave the first details of the electromagnetic -> spin -> acoustic 
conversion process for a YIG disc, which is shown in Fig. 5 of the 
above paper1 for a YIG rod. Premium in space precluded a full 
description· of the eritire conversion process for an axially mag
netically biased YIG rod which is electroinagnetic -> · 
magiJ.etostatic-> spin (exchange)-> acoustic. This was originally 
proposed by B. Yazgan in her 1966 Ph.D. thesis submitted to 
Glasgow University and subsequently developed by J. H. Collins 
[3] and experimentally verified by B. A. Auld et al. [4]. Reference 
to the caption in Fig. 5 of the above paper1 allows references [3] 
and [4] to be traced. · 

Also, on p. 1135 of the article,1 it was stated that Graham 
Marshall and Ted Paige were awarded' the Microwave Prize in 
1974. They were, in fact, awarded the 1973 Best Paper Award of 
the· IEEE Group on Sonics and Ultrasonics, · along with their 
co-author Cleland Newton, for their research on multistrip cou
plers. 
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4,447,116 

Controllable Electro-Optical 
Modulator /Phase Shifter using 
an Integrated Optical Interferometer 

May 8, 1984 

Inventors: George D. H. King and Michael C. Bone. 
Assignee: International Standard Electric Corporation. 
Filed: Apr. 7, 1982. . 

Abstract -An optical waveguide interferometer arrangement includes a 
single-mode optical waveguide device which diverges into two waveguide 
branches of identical optical length which converge into another single wave
guide. The optical properties of the two branches are variable by electrical 
fields applied via adjacent electrodes, which are energized with a composite 
waveform comprising (for example) a symmetrical ramp superimposed on a 
square wave of the same period. The two component waveforms are in phase 
bu\ of different amplitudes such that the output light is intensity modulated at 
a frequency w):tich is some multiple of that of the input waveforms. Adjustment 
of ·the .square wave amplitude provides tile means to phase shift the optical 
output signal. 

4 Gaims, 1 Drawing Figure 
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4,447,119 

Apparatus for Maintaining an 
Optical Fiber and a Focusing Means 

Inventor: J. Donald Beasley. 
Assignee: Gould, Inc. 
Filed: Nov. 2, 1981. 

9 

12_~~::::::::==10 
O£T 

May 8, 1984 

Abstract -An apparatus for maintaining one end of an optical fiber and a 
focusing lens is provided including means for adjustably focusing a beam of 
light onto the end of the fiber. The adjustable focusing means includes a means 
for_ pivoting the focusing lens and fiber to provide a very fine adjustment to 
direct the ligh't beam into the core at the end of the optical fiber. The subject 
device includes a framework for maintaining ;the lens and one end of the 
optical fiber in a precisely controlled relationship. The adjustable focusing 
means may further include at least one screw in threaded engagement with the 
base portion of the device. One end of the 'screw contacts a peripheral portion 
of the maintaining means so that rotation of tile screw causes the maintaining 
means to pivot about the end of the optical fiber. 

9 Gaims, 8 Drawing Figures 
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4,447,793 May 8, 1984 

Rotary Actuators 

Inventor: William P. Gray. 
Assignee: Racal-Mesl Microwave Limited. 
Filed: 11,1ay 6, 1983. 

Abstract-An actuator has a rotor with permanently magnetized North and 
South poles. A housing supports three pole members having respective coils 
and pole pieces. The first pole piece is always a North pole but the coils on the 
second and third pole pieces are arranged such that each can be of either 
polarity .with the other simultaneously being of the opposite polarity. The rotor 
therefore has two stalJle positions, one when the second pole piece is a North 
pole and the third pole piece·is a South pole and the other being 120° from this 
position in the clockwise direction (when the second pole. piece is Soµth pole 
and the third pole piece is a North pole). The rotor movement may however be 
stopped 15° short of each such position by mechanical detents, so as to limit 
the maximum angular movement to 90°. The actuator may be used to drive a 
switchable microwave coupling arrangement. 

11 Gaims, 5 Drawing Figures 
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4,448,479 May 15, 1984 4,449,108 May 15, 1984 

Traveling Wave, Electrooptic 
Devices with Effective Velocity Matching 

Inventor: Rodney C. Alferness. 
Assignee: Bell Telephone Laboratories, Incorporated. 
Filed: Nov. 16, 1981. 

Abstract-A simulated velocity match between a traveling optical wave and 
a traveling electrical modulating wave is obtained in traveling wave, velocity 
mismatched electrooptic devices by introducing, at longitudinally spaced inter
vals along the electrical signal wavepath, means for producing the equivalent of 
a 180 degree phase shift in the effect of the modulating signal upon the 
operative electrooptic parameter of said device. This technique is employed to 
minimize the effect of walk-off due to velocity mismatch in modulators, phase 
shifter and mode converters. 

10 Oaims, 12 Drawing Figures 

4,448,485 May 15, 1984 

Harmonic Generation using a Surf ace of Metal Particles 

Inventors: John G. Bergman, Paul F. Liao, and Alexander J. Wokaun. 
Assignee: Bell Telephone Laboratories, Incorporated. 
Filed: July 10, 1981. 

Abstract-Metal ellipsoidal particles are deposited on ·an ordered array of 
silicon dioxide posts. Each of the particles has dimensions that are less than the 
wavelength of a fundamental beam to be used in the generation of second 
harmonic radiation. The rows of particles in the ordered· array are spaced at a 
distance that is less than one-half of the fundamental wavelength and greater 
than one-half of the second harmonic wavelength. 

11 Oaims, 10 Drawing Figures 

Band-Stop Filter for VHF-UHF Band 

Inventors: Haruyoshi Endo, Mitsuo Makimoto, Ko Kikuchi, 
and Sadahiko Yamashita. 

Assignee: Matsushita Electric Industrial 
Company, Limited. 

Filed: Feb. 16, 1982. 

Abstract-A band-stop filter for VHF-UHF band comprises at least three 
series resonance circuits and at least two transmission lines each connected 
between the series r~sonance circuits. One of the transmission lines, which is 
connected to the input terminal of the band-stop filter, has an electrical length 
which is shorter or longer than the quarter wavelength of the center frequency 
of the stop band by more than 20 but less than· 50 percent. When a band-stop 
filter comprises four transmission lines, one of the transmission lines, which is 
connected to the output terminal of the band-stop filter, has the same length as 
the transmission line connected to the input terminal. With this arrangement, 
the band-stop filter exhibits a sharp attenuation characteristic in a frequency 
range below or above the center frequency. Other transmission lines, which are 
not directly connected to either the input terminal or the output terminal, may 
have a length which is shorter or longer than the quarter wavelength by 5 to 20 
percent so as to provide a sharper attenuation characteristic. 

7 Oaims, 7.Drawing Figures 
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4,449,781 

Multimode Optical Fiber Coupler 
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May 22, 1984 

Inventors: Alexander W. Lightstone, H. Keith Eastwood, and Frank 
Szarka. 

Assignee: Her Majesty the Queen in Right of Canada as 
represented by the Minister of National Defense. 

Filed: Nov: 20, 1981. 

Abstract-An optical fiber coupler is described for operatively coupling 
together two or more optical fibers. Each coupler consists of several biconically 
tapered fibers. The biconical sections of each fiber are placed side by side or 
twisted around one another, and fused together. The couplers are typically 
made of optical fibers having a diameter in the range from about 100 to about 
300 microns. The fiber comprises a core of glass having a high index of 
refraction and cladding of glass with a low index of refraction. The cladding of 
each biconical section has been reduced by chemical etching, plasma etching, 
ion-milling, abrasion or the like, to a thickness not exceeding 25 percent of the 
core diameter, more preferably less than 10 percent and most preferably from 
about 5 percent to about 10 percent of the core diameter. The couplers are of 
step or graded index optical fiber. The design can be adapted as multiport 
access couplers when more than two fibers are involved. The reduction of 
cladding thickness is essential to produce optical fiber couplers with a coupling 
coefficient of about 40 percent and an average loss of about 10 percent. 

11 Oaims, 5 Drawing Figures 
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4,449,783 May 22, 1984 Abstract-An assembly for bidirectional signal transmission over a single 

Optical Star Coupler with a Planar 
Mixer Element 

Inventor: Hans H. Witte. 
Assignee: Siemens Aktiengesellschaft. 
Filed: Mar. 5, 1981. 

Abstract-An optical star coupler, which includes a mixing element consist
ing of a planar waveguide having an input and output end for interconnecting 
two groups of light conducting fibers with a packing density of each group of 
fibers being as high as possible and the planar waveguide having a thickness 
approximately equal to the diameter of the fibers, characterized by each fiber 
which is to be connected to a fiber of a fiber optical system having a diameter 
approximately equal to the core diameter of this fiber of the fiber optical 
system and, preferably, the mixing element on the surfaces, which are not 
connected to the fibers, are in contact with a medium having an index of 
refraction less than the index of refraction of the mixing element. Preferably, 
this medium comprises a material having substantially the same coefficient of 
thermal expansion and is an optical adhesive. 

13 Oaims, 10 Drawing Figures 
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4,451,806 

Tuning Means for a Transmission 
Line Cavity 

Inventor: Claude E. Doner. 
Assignee: RCA Corporation. 
Filed: Apr. 30, 1982. 

r• 

May 29, 1984 

Abstract-A transmission line cavity comprises an outer conductor and a 
center conductor. The cavity is in combination with a source, such as a power 
tube, for establishing electromagnetic waves within the cavity. The impedance 
of the center conductor may be changed, for example by changing the series 
inductance, to vary the resonant frequency of the cavity. 

5 Oaims, 8 Drawing Figures 
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4,452,505 June 5, 1984 

Bidirectional Coupler for 
Communication over a Single Fiber 

Inventor: George A. Gasparian. 
Assignee: International Telephone and Telegraph Corporation. 
Filed: May 16, 1983. 

fiber is disclosed together with its method of manufacture. A hot coating of 
dichroic material is applied to a surface of a glass substrate. The substrate is 
processed into dichroic wafers having larger dimensions than the cross section 
of the fiber with which it is employed. The dichroic wafer is positioned over the . 
end face of a polished fiber beamsplitter and secured thereto by a thin layer of 
optical grade epoxy. A second polished fiber beamsplitter may than be secured 
in a similar manner to the opposite side of the wafer. The coated wafer forms 
an acute angle of about 25° with a plane perpendicular to the axis of each 
beamsplitter half. A bidirectional coupler is thereby formed. 

13 Oaims, 3 Drawing Figures 

4,452,507 

Fiber Optical Bypass Switch 

Inventor: Gerhard Winzer. 
Assignee: Siemens Aktiengesellschaft. 
Filed: Sept. 17, 1981. 

June5, 1984 

Abstract -A fiber optical bypass switch or relay for selectively connecting 
incoming and outgoing line fibers to a pair of subscriber fibers extending to a 
subscriber station and bypassing the subscriber station by interconnecting the 
line fibers together characterized by a housing having a pair of stops, an 
arrangement for holding at least two fibers including at least one line fiber on a 
plane in a movable part which is mounted for movement in the housing 
between the pair of stops in a contact-free manner, an arrangement for holding 
the remaining fibers in the housing in the desired position relative to the pair 
of stops and a mechanism for moving the part between the pair of stops 
including a biasing arrangement for "urging the part in one direction between 
the stops so that while the part is engaged on the first of the pair of stops, the 
line fibers are interconnected with the subscriber fibers being bypassed and 
when the part is in contact with the other stop, the incoming and outgoing line 
fibers are connected to the subscriber fibers. 

13 Oaims, 14 Drawing Figures 
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4,453,139 

Frequency Offset Multiple Cavity 
Power Combiner 

Inventor: Frederik Labaar. 
Assignee: Ford Aerospace & Communications Corporation. 
Filed: Nov. 12, 1981. 

June 5, 1984 

Abstract -A combiner for power combining electromagnetic energy is dis
closed. At least two electromagnetic cavities are positioned having intercavity 
coupling among all cavities: each cavity is tangent to all other cavities and/or 
external transmission line connections are employed to enhance/provide inter
cavity coupling. Each cavity contains within it at least one power generating 
device. An input/output port is connected via a nonreciprocal device to an 
output load and an injecting oscillator which usually has a lower power level 
than that of the free-running combiner and a higher spectral purity. The 
cavities are intentionally tuned to at least two different frequencies. For the 
two cavity and three cavity embodiments, a greater bandwidth is obtained 
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compared with prior art combiners where the cavities are tuned to the same 
frequency. The power loss is slight. Derived formulas, based upon the injection 
locking ratio and the mutual injection locking ratio between cavities, are given 
for the maximum frequency separation between resonant frequencies of the 
cavities subject to the free-running single frequency condition, and for the 
maximum injection locking bandwidth of the frequency offset multiple cavity 
power combiner. 

11 Gaims, 9 Drawing Figures 
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4,453,142 

Microstrip to Waveguide Transition 

Inventor: Earl R. Murphy. 
Assignee: Motorola Inc. 
Filed: Nov. 2, 1981. 

Jun.5, 1984 

Abstract-A microstrip to waveguide transition is achieved by passing a 
portion of a nticrostrip circuit through an aperture in a transverse wall of a 
waveguide. The aperture is dimensioned and positioned so as not to signifi
cantly disturb propagation in the waveguide. A tab of the nticrostrip substrate 
extends through the aperture and into the waveguide, where a probe disposed 
on the tab couples to energy in the waveguide. The probe is connected to the 
nticrostrip circuit by means of a transition section on the tab within the 
aperture. The transition section is as narrow as possible to minimize capacitive 

coupling to the waveguide wall and is an integral multiple of one-half wave
length for a smooth impedance match from the probe to the nticrostrip. 

8 Gaims, 3 Drawing Figures 
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4,453,145 June 5, 1984 

Bandpass Filter 

Inventor: Harald Schuster. 
Assignee: Licentia Patent-Verwaltungs-GmbH. 

· Filed: Sept. 21, 1982. 

Abstract -A bandpass filter circuit has series elements, comprising a parallel 
resonant circuit and a first inductance, and shunt elements comprising a series · 
resonant circuit and a second inductance, the resonant circuits comprising 
variable capacitances to permit variation of the frequency over a frequency 
band. The second inductance may be a transformer. The variable capacitances 
may be constituted by a plurality of switchable component capacitances, 
having switches connected between the capacitances and ground. 

11 Gaims, 3 Drawing Figures 
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